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Preface 



Microwave materials have been widely used in a variety of applications ranging from communication 
devices to military satellite services, and the study of materials properties at microwave frequencies 
and the development of functional microwave materials have always been among the most active areas 
in solid-state physics, materials science, and electrical and electronic engineering. In recent years, the 
increasing requirements for the development of high-speed, high-frequency circuits and systems require 
complete understanding of the properties of materials functioning at microwave frequencies. All these 
aspects make the characterization of materials properties an important field in microwave electronics. 

Characterization of materials properties at microwave frequencies has a long history, dating from the 
early 1950s. In past decades, dramatic advances have been made in this field, and a great deal of new 
measurement methods and techniques have been developed and applied. There is a clear need to have a 
practical reference text to assist practicing professionals in research and industry. However, we realize 
the lack of good reference books dealing with this held. Though some chapters, reviews, and books 
have been published in the past, these materials usually deal with only one or several topics in this 
held, and a book containing a comprehensive coverage of up-to-date measurement methodologies is not 
available. Therefore, most of the research and development activities in this held are based primarily 
on the information scattered throughout numerous reports and journals, and it always takes a great deal 
of time and effort to collect the information related to on-going projects from the voluminous literature. 
Furthermore, because of the paucity of comprehensive textbooks, the training in this held is usually not 
systematic, and this is undesirable for further progress and development in this held. 

This book deals with the microwave methods applied to materials property characterization, and it 
provides an in-depth coverage of both established and emerging techniques in materials characterization. 
It also represents the most comprehensive treatment of microwave methods for materials property 
characterization that has appeared in book form to date. Although this book is expected to be most 
useful to those engineers actively engaged in designing materials property-characterization methods, it 
should also be of considerable value to engineers in other disciplines, such as industrial engineers, 
bioengineers, and materials scientists, who wish to understand the capabilities and limitations of 
microwave measurement methods that they use. Meanwhile, this book also satisfies the requirement for 
up-to-date texts at graduate and senior undergraduate levels on the subjects in materials characterization. 

Among this book’s most outstanding features is its comprehensive coverage. This book discusses 
almost all aspects of the microwave theory and techniques for the characterization of the electromagnetic 
properties of materials at microwave frequencies. In this book, the materials under characterization 
may be dielectrics, semiconductors, conductors, magnetic materials, and artificial materials; the 
electromagnetic properties to be characterized mainly include permittivity, permeability, chirality, 
mobility, and surface impedance. 

The two introductory chapters. Chapter 1 and Chapter 2, are intended to acquaint the readers with the 
basis for the research and engineering of electromagnetic materials from the materials and microwave 
fundamentals respectively. As general knowledge of electromagnetic properties of materials is helpful 
for understanding measurement results and correcting possible errors. Chapter 1 introduces the general 
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properties of various electromagnetic materials and their underlying physics. After making a brief 
review on the methods for materials properties characterization. Chapter 2 provides a summary of 
the basic microwave theory and techniques, based on which the methods for materials characterization 
are developed. This summary is mainly intended for reference rather than for tutorial purposes, although 
some of the important aspects of microwave theory are treated at a greater length. References are cited 
to permit readers to further study the topics they are interested in. 

Chapters 3 to 8 deal with the measurements of the permittivity and permeability of low-conductivity 
materials and the surface impedance of high-conductivity materials. Two types of nonresonant methods, 
reflection method and transmission/reflection method, are discussed in Chapters 3 and 4 respectively; 
two types of resonant methods, resonator method and resonant-perturbation method, are discussed in 
Chapters 5 and 6 respectively. In the methods discussed in Chapters 3 to 6, the transmission lines used 
are mainly coaxial-line, waveguide, and free-space, while Chapter 7 is concerned with the measurement 
methods developed from planar transmission lines, including stripline, microstrip-, and coplanar line. 
The methods discussed in Chapters 3 to 7 are suitable for isotropic materials, which have scalar or 
complex permittivity and permeability. The permittivity of anisotropic dielectric materials is a tensor 
parameter, and magnetic materials usually have tensor permeability under an external dc magnetic field. 
Chapter 8 deals with the measurement of permittivity and permeability tensors. 

Ferroelectric materials are a special category of dielectric materials often used in microwave electron- 
ics for developing electrically tunable devices. Chapter 9 discusses the characterization of ferroelectric 
materials, and the topics covered include the techniques for studying the temperature dependence and 
electric field dependence of dielectric properties. 

In recent years, the research on artificial materials has been active. Chapter 10 deals with a special 
type of artificial materials: chiral materials. After introducing the concept and basic characteristics of 
chiral materials, the methods for chirality measurements and the possible applications of chiral materials 
are discussed. 

The electrical transport properties at microwave frequencies are important for the development of high- 
speed electronic circuits. Chapter 1 1 discusses the microwave Hall effect techniques for the measurement 
of the electrical transport properties of low-conductivity, high-conductivity, and magnetic materials. 

The measurement of materials properties at high temperatures is often required in industry, scientific 
research, and biological and medical applications. In principle, most of the methods discussed in this 
book can be extended to high-temperature measurements. Chapter 12 concentrates on the measurement 
of the dielectric properties of materials at high temperatures, and the techniques for solving the problems 
in high-temperature measurements can also be applied for the measurement of other materials property 
parameters at high temperatures. 

In this book, each chapter is written as a self-contained unit, so that readers can quickly get 
comprehensive information related to their research interests or on-going projects. To provide a broad 
treatment of various topics, we condensed mountains of literature into readable accounts within a text of 
reasonable size. Many references have been included for the benefit of the readers who wish to pursue 
a given topic in greater depth or refer to the original papers. 

It is clear that the principle of a method for materials characterization is more important than 
the techniques required for implementing this method. If we understand the fundamental principle 
underlying a measurement method, we can always find a suitable way to realize this method. Although 
the advances in technology may significantly change the techniques for implementing a measurement 
method, they cannot greatly influence the measurement principle. In writing this book, we tried to 
present the fundamental principles behind various designs so that readers can understand the process of 
applying fundamental concepts to arrive at actual designs using different techniques and approaches. We 
believe that an engineer with a sound knowledge of the basic concepts and fundamental principles for 
materials property characterization and the ability apply to his knowledge toward design objectives, is 
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the engineer who is most likely to make full use of the existing methods, and develop original methods 
to fulfill ever-rising measurement requirements. 

We would like to indicate that this text is a compilation of the work of many people. We cannot be held 
responsible for the designs described that are still under patent. It is also difficult to always give proper 
credits to those who are the originators of new concepts and the inventors of new methods. The names we 
give to some measurement methods may not fit the intentions of the inventors or may not accurately reflect 
the most characteristic features of these methods. We hope that there are not too many such errors and will 
appreciate it if the readers could bring the errors they discover to our attention. 

There are many people to whom we owe many thanks for helping us prepare this book. However, 
space dictates that only a few of them can receive formal acknowledgements. But this should not be taken 
as a disparagement of those whose contributions remain anonymous. Our foremost appreciation goes to 
Mr. Quek Gim Pew, Deputy Chief Executive (Technology), Singapore Defence Science & Technology 
Agency, Mr. Quek Tong Boon. Chief Executive Officer, Singapore DSO National Laboratories, and 
Professor Lim Hock, Director, Temasek Laboratories, National University of Singapore, for their 
encouragement and support along the way. We are grateful to Pennsylvania State University and HVS 
Technologies for giving us permission to include the HVS Free Space Unit and the data in this book. 
We really appreciate the valuable help and cooperation from Dr. Li Zheng- Wen. Dr. Rao Xuesong, and 
Mr. Tan Chin Yaw. We are very grateful to the staff of John Wiley & Sons for their helpful efforts and 
cheerful professionalism during this project. 

L. F. Chen 
C. K. Ong 
C. P. Neo 
V. V. Varadan 
V. K. Varadan 
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Electromagnetic Properties of Materials 



This chapter starts with the introduction of the 
materials research and engineering at microwave 
frequencies, with emphasis laid on the signifi- 
cance and applications of the study of the elec- 
tromagnetic properties of materials. The fun- 
damental physics that governs the interactions 
between materials and electromagnetic fields is 
then discussed at both microscopic and macro- 
scopic scales. Subsequently, we analyze the gen- 
eral properties of typical electromagnetic materi- 
als, including dielectric materials, semiconductors, 
conductors, magnetic materials, and artificial mate- 
rials. Afterward, we discuss the intrinsic proper- 
ties and extrinsic performances of electromagnetic 
materials. 

1.1 MATERIALS RESEARCH AND 
ENGINEERING AT MICROWAVE 
FREQUENCIES 

While technology decides how electromagnetic 
materials can be utilized, science attempts to 
decipher why materials behave as they do. The 
responses of materials to electromagnetic fields 
are closely determined by the displacement of 
their free and bounded electrons by electric fields 
and the orientation of their atomic moments by 
magnetic fields. The deep understanding and full 
utilization of electromagnetic materials have come 
from decoding the interactions between materials 
and electromagnetic fields by using both theoretical 
and experimental strategies. 

This book mainly deals with the methodology 
for the characterization of electromagnetic materi- 
als for microwave electronics, and also discusses 



the applications of techniques for materials prop- 
erty characterization in various fields of sciences 
and engineering. The importance of the research 
on the electromagnetic properties of materials at 
microwave frequencies can be understood in the 
aspects that follow. 

Firstly, though it is an old field in physics, 
the study of electromagnetic properties of mate- 
rials at microwave frequencies is full of academic 
importance (Solymar and Walsh 1998; Kittel 1997; 
Von Hippel 1995a, b; Jiles 1994; Robert 1988), 
especially for magnetic materials (Jiles 1998; Smit 
1971) and superconductors (Tinkham 1996) and 
ferroelectric s (Lines and Glass 1977). The knowl- 
edge gained from microwave measurements con- 
tributes to our information about both the macro- 
scopic and the microscopic properties of materi- 
als, so microwave techniques have been important 
for materials property research. Though magnetic 
materials are widely used in various fields, the 
research of magnetic materials lags far behind their 
applications, and this, to some extent, hinders us 
from making full application of magnetic mate- 
rials. Until now, the electromagnetic properties 
of magnetic properties at microwave frequencies 
have not been fully investigated yet, and this is 
one of the main obstacles for the development of 
microwave magnetoelectrics. Besides, one of the 
most promising applications of superconductors is 
microwave electronics. A lot of effort has been 
put in the study of the microwave properties 
of superconductors, while many areas are yet to 
be explored. Meanwhile, as ferroelectric materi- 
als have great application potential in developing 
smart electromagnetic materials, structures, and 
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devices in recent years, microwave ferroelectricity 
is under intensive investigation. 

Secondly, microwave communications are play- 
ing more and more important roles in military, 
industrial, and civilian life, and microwave engi- 
neering requires precise knowledge of the elec- 
tromagnetic properties of materials at microwave 
frequencies (Ramo et al. 1994). Since World War 
II, a lot of resources have been put into electromag- 
netic signature control, and microwave absorbers 
are widely used in reducing the radar cross sections 
(RCSs) of vehicles. The study of electromagnetic 
properties of materials and the ability of tailoring 
the electromagnetic properties of composite mate- 
rials are very important for the design and devel- 
opment of radar absorbing materials and other 
functional electromagnetic materials and struc- 
tures (Knott et al. 1993). 

Thirdly, as the clock speeds of electronic 
devices are approaching microwave frequencies, 
it becomes indispensable to study the microwave 
electronic properties of materials used in elec- 
tronic components, circuits, and packaging. The 
development of electronic components working 
at microwave frequencies needs the electrical 
transport properties at microwave frequencies, 
such as Hall mobility and carrier density; and 
the development of electronic circuits work- 
ing at microwave frequencies requires accu- 
rate constitutive properties of materials, such 
as permittivity and permeability. Meanwhile, the 
electromagnetic interference (EMI) should be 
taken into serious consideration in the design of 
circuit and packaging, and special materials are 
needed to ensure electromagnetic compatibility 
(EMC) (Montrose 1999). 

Fourthly, the study of electromagnetic properties 
of materials is important for various fields of sci- 
ence and technology. The principle of microwave 
remote sensing is based on the reflection and 
scattering of different objects to microwave sig- 
nals, and the reflection and scattering proper- 
ties of an object are mainly determined by the 
electromagnetic properties of the object. Besides, 
the conclusions of the research of electromag- 
netic materials are helpful for agriculture, food 
engineering, medical treatments, and bioengineer- 
ing (Thuery and Grant 1992). 



Finally, as the electromagnetic properties of 
materials are related to other macroscopic or 
microscopic properties of the materials, we can 
obtain information about the microscopic or 
macroscopic properties we are interested in from 
the electromagnetic properties of the materials. 
In materials research and engineering, microwave 
techniques for the characterization of materials 
properties are widely used in monitoring the fab- 
rication procedure and nondestructive testing of 
samples and products (Zoughi 2000; Nyfors and 
Vainikainen 1989). 

This chapter aims to provide basic knowledge 
for understanding the results from microwave mea- 
surements. We will give a general introduction 
on electromagnetic materials at microscopic and 
macroscopic scales and will discuss the parameters 
describing the electromagnetic properties of mate- 
rials, the classification of electromagnetic mate- 
rials, and general properties of typical electro- 
magnetic materials. Further discussions on various 
topics can be found in later chapters or the refer- 
ences cited. 

1.2 PHYSICS FOR EFECTROMAGNETIC 
MATERIALS 

In physics and materials sciences, electromagnetic 
materials are studied at both the microscopic 
and the macroscopic scale (Von Hippel 1995a,b). 
At the microscopic scale, the energy bands for 
electrons and magnetic moments of the atoms 
and molecules in materials are investigated, while 
at the macroscopic level, we study the overall 
responses of macroscopic materials to external 
electromagnetic fields. 

1.2.1 Microscopic scale 

In the microscopic scale, the electrical properties of 
a material are mainly determined by the electron 
energy bands of the material. According to the 
energy gap between the valence band and the 
conduction band, materials can be classified into 
insulators, semiconductors, and conductors. Owing 
to its electron spin and electron orbits around the 
nucleus, an atom has a magnetic moment. According 
to the responses of magnetic moments to magnetic 
field, materials can be generally classified into 
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diamagnetic materials, paramagnetic materials, and 
ordered magnetic materials. 

1. 2.1.1 Electron energy bands 

According to Bohr’ s model, an atom is characterized 
by its discrete energy levels. When atoms are 
brought together to constitute a solid, the discrete 
levels combine to form energy bands and the 
occupancy of electrons in a band is dictated 
by Fermi-dirac statistics. Figure 1.1 shows the 
relationship between energy bands and atomic 
separation. When the atoms get closer, the energy 
bands broaden, and usually the outer band broadens 
more than the inner one. For some elements, for 
example lithium, when the atomic separation is 
reduced, the bands may broaden sufficiently for 
neighboring bands to merge, forming a broader 




Atomic separation Atomic separation 

(a) (b) 

Figure 1.1 The relationships between energy bands 
and atomic separation, (a) Energy bands of lithium 
and (b) energy bands of carbon. (Bolton 1992) Source: 
Bolton, W. (1992), Electrical and Magnetic Properties 
of Materials, Longman Scientific & Technical, Harlow 



band. While for some elements, for example carbon, 
the merged broadband may further split into separate 
bands at closer atomic separation. 

The highest energy band containing occupied 
energy levels at 0 K in a solid is called the valence 
band. The valence band may be completely filled 
or only partially filled with electrons. The electrons 
in the valence band are bonded to their nuclei. 
The conduction band is the energy band above the 
valence energy band, and contains vacant energy 
levels at 0 K. The electrons in the conduction band 
are called free electrons, which are free to move. 
Usually, there is a forbidden gap between the 
valence band and the conduction band, and the 
availability of free electrons in the conduction band 
mainly depends on the forbidden gap energy. If the 
forbidden gap is large, it is possible that no free 
electrons are available, and such a material is called 
an insulator. For a material with a small forbidden 
energy gap, the availability of free electron in the 
conduction band permits some electron conduction, 
and such a material is a semiconductor. In a 
conductor, the conduction and valence bands may 
overlap, permitting abundant free electrons to be 
available at any ambient temperature, thus giving 
high electrical conductivity. The energy bands for 
insulator, semiconductor, and good conductor are 
shown schematically in Figure 1 .2. 

Insulators 

For most of the insulators, the forbidden gap 
between their valence and conduction energy bands 




Figure 1.2 Energy bands for different types of materials, (a) Insulator, (b) semiconductor, and (c) good 
conductor. (Bolton 1992). Modified from Bolton, W. (1992), Electrical and Magnetic Properties of Materials, 
Longman Scientific & Technical, Harlow 
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is larger than 5 eV. Usually, we assume that an 
insulate is nonmagnetic, and under this assump- 
tion. insulators are called dielectrics. Diamond, a 
form of carbon, is a typical example of a dielectric. 
Carbon has two electrons in the Is shell, two in the 
2s shell, and two in the 2p shell. In a diamond, 
the bonding between carbon atoms is achieved 
by covalent bonds with electrons shared between 
neighboring atoms, and each atom has a share in 
eight 2p electrons (Bolton 1992). So all the elec- 
trons are tightly held between the atoms by this 
covalent bonding. As shown in Figure 1.1(b), the 
consequence of this bonding is that diamond has 
a full valence band with a substantial forbidden 
gap between the valence band and the conduc- 
tion band. But it should be noted that, graphite, 
another form of carbon, is not a dielectric, but a 
conductor. This is because all the electrons in the 
graphite structure are not locked up in covalent 
bonds and some of them are available for conduc- 
tion. So the energy bands are related to not only the 
atom structures but also the ways in which atoms 
are combined. 



Semiconductors 

The energy gap between the valence and conduction 
bands of a semiconductor is about 1 eV. Germanium 
and silicon are typical examples of semiconductors. 
Each germanium or silicon atom has four valence 
electrons, and the atoms are held together by 
covalent bonds. Each atom shares electrons with 
each of four neighbors, so all the electrons are 
locked up in bonds. So there is a gap between a full 
valence band and the conduction band. However, 
unlike insulators, the gap is relatively small. At 
room temperature, some of the valence electrons 
can break free from the bonds and have sufficient 
energy to jump over the forbidden gap, arriving 
at the conduction band. The density of the free 
electrons for most of the semiconductors is in the 
range of 10 16 to 10 19 per m 3 . 

Conductors 

For a conductor, there is no energy gap between 
the valence gap and conduction band. For a good 



conductor, the density of free electrons is on the 
order of 10 28 m 3 . Lithium is a typical example of 
a conductor. It has two electrons in the Is shell 
and one in the 2s shell. The energy bands of such 
elements are of the form shown in Figure 1.1(a). 
The 2s and 2p bands merge, forming a large 
band that is only partially occupied, and under an 
electric field, electrons can easily move into vacant 
energy levels. 

In the category of conductors, superconduc- 
tors have attracted much research interest. In a 
normal conductor, individual electrons are scat- 
tered by impurities and phonons. However, for 
superconductors, the electrons are paired with 
those of opposite spins and opposite wave vec- 
tors, forming Cooper pairs, which are bonded 
together by exchanging phonons. In the Bardeen- 
Cooper-Schrieffer (BCS) theory, these Cooper 
pairs are not scattered by the normal mechanisms. 
A superconducting gap is found in superconduc- 
tors and the size of the gap is in the microwave 
frequency range, so study of superconductors at 
microwave frequencies is important for the under- 
standing of superconductivity and application of 
superconductors. 

1.2. 1.2 Magnetic moments 

An electron orbiting a nucleus is equivalent to a 
current in a single-turn coil, so an atom has a 
magnetic dipole moment. Meanwhile, an electron 
also spins. By considering the electron to be a 
small charged sphere, the rotation of the charge 
on the surface of the sphere is also like a single- 
turn current loop and also produces a magnetic 
moment (Bolton 1992). The magnetic properties of 
a material are mainly determined by its magnetic 
moments that result from the orbiting and spinning 
of electrons. According to the responses of the 
magnetic moments of the atoms in a material to an 
external magnetic field, materials can be generally 
classified into diamagnetic, paramagnetic, and 
ordered magnetic materials. 

Diamagnetic materials 

The electrons in a diamagnetic material are all paired 
up with spins antiparallel, so there is no net magnetic 
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moment on their atoms. When an external magnetic 
field is applied, the orbits of the electrons change, 
resulting in a net magnetic moment in the direction 
opposite to the applied magnetic field. It should be 
noted that all materials have diamagnetism since all 
materials have orbiting electrons. However, for dia- 
magnetic materials, the spin of the electrons does 
not contribute to the magnetism; while for param- 
agnetic and ferromagnetic materials, the effects of 
the magnetic dipole moments that result from the 
spinning of electrons are much greater than the dia- 
magnetic effect. 

Paramagnetic materials 

The atoms in a paramagnetic material have net 
magnetic moments due to the unpaired electron 
spinning in the atoms. When there is no exter- 
nal magnetic field, these individual moments are 
randomly aligned, so the material does not show 
macroscopic magnetism. When an external mag- 
netic field is applied, the magnetic moments are 
slightly aligned along the direction of the exter- 
nal magnetic field. If the applied magnetic field 
is removed, the alignment vanishes immediately. 
So a paramagnetic material is weakly magnetic 
only in the presence of an external magnetic 
field. The arrangement of magnetic moments in a 
paramagnetic material is shown in Figure 1.3(a). 
Aluminum and platinum are typical paramag- 
netic materials. 

Ordered magnetic materials 

In ordered magnetic materials, the magnetic mo- 
ments are arranged in certain orders. According to 
the ways in which magnetic moments are arranged, 
ordered magnetic materials fall into several subcat- 
egories, mainly including ferromagnetic, antiferro- 
magnetic, and ferrimagnetic (Bolton 1992; Wohl- 
farth 1980). Figure 1.3 shows the arrangements 
of magnetic moments in paramagnetic, ferromag- 
netic, antiferromagnetic, and ferrimagnetic materi- 
als, respectively. 

As shown in Figure 1.3(b), the atoms in a 
ferromagnetic material are bonded together in such 
a way that the dipoles in neighboring atoms are all 
in the same direction. The coupling between atoms 
of ferromagnetic materials, which results in the 




(c) (d) 



Figure 1.3 Arrangements of magnetic moments in 
various magnetic materials, (a) Paramagnetic, (b) ferro- 
magnetic, (c) antiferromagnetic, and (d) ferrimagnetic 
materials. Modified from Bolton, W. (1992). Electrical 
and Magnetic Properties of Materials, Longman Scien- 
tific & Technical, Harlow 

ordered arrangement of magnetic dipoles shown in 
Figure 1.3(b), is quite different from the coupling 
between atoms of paramagnetic materials, which 
results in the random arrangement of magnetic 
dipoles shown in Figure 1.3(a). Iron, cobalt, and 
nickel are typical ferromagnetic materials. 

As shown in Figure 1.3(c), in an antiferromag- 
netic material, half of the magnetic dipoles align 
themselves in one direction and the other half of 
the magnetic moments align themselves in exactly 
the opposite direction if the dipoles are of the 
same size and cancel each other out. Manganese, 
manganese oxide, and chromium are typical anti- 
ferromagnetic materials. However, as shown in 
Figure 1.3(d), for a ferrimagnetic material, also 
called ferrite, the magnetic dipoles have different 
sizes and they do not cancel each other. Magnetite 
(Fe 304 ), nickel ferrite (NiFe 2 04 ), and barium fer- 
rite (BaFc 1 2 0 1 q) are typical ferrites. 

Generally speaking, the dipoles in a ferromag- 
netic or ferrimagnetic material may not all be 
arranged in the same direction. Within a domain, all 
the dipoles are arranged in its easy-magnetization 
direction, but different domains may have differ- 
ent directions of arrangement. Owing to the random 
orientations of the domains, the material does not 
have macroscopic magnetism without an external 
magnetic field. 
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The crystalline imperfections in a magnetic 
material have significant effects on the magneti- 
zation of the material (Robert 1988). For an ideal 
magnetic material, for example monocrystalline 
iron without any imperfections, when a magnetic 
held H is applied, due to the condition of minimum 
energy, the sizes of the domains in H direction 
increase, while the sizes of other domains decrease. 
Along with the increase of the magnetic held, the 
structures of the domains change successively, and 
finally a single domain in H direction is obtained. 
In this ideal case, the displacement of domain walls 
is free. When the magnetic held H is removed, the 
material returns to its initial state; so the magneti- 
zation process is reversible. 

Owing to the inevitable crystalline imperfec- 
tions, the magnetization process becomes com- 
plicated. Figure 1.4(a) shows the arrangement of 
domains in a ferromagnetic material when no 
external magnetic held is applied. The domain 




(C) (d) 



Figure 1.4 Domains in a ferromagnetic material, 
(a) Arrangement of domains when no external mag- 
netic held is applied, (b) arrangement of domains when 
a weak magnetic held is applied, (c) arrangement of 
domains when a medium magnetic held is applied, 
and (d) arrangement of domains when a strong mag- 
netic held is applied. Modihed from Robert, P. (1988). 
Electrical and Magnetic Properties of Materials, Artech 
House, Norwood 



walls are pinned by crystalline imperfections. As 
shown in Figure 1 .4(b), when an external magnetic 
held H is applied, the domains whose orienta- 
tions are near the direction of the external mag- 
netic held grow in size, while the sizes of the 
neighboring domains wrongly directed decrease. 
When the magnetic held is very weak, the domain 
walls behave like elastic membranes, and the 
changes of the domains are reversible. When 
the magnetic held increases, the pressure on the 
domain walls causes the pinning points to give 
way, and the domain walls move by a series of 
jumps. Once a jump of domain wall happens, 
the magnetization process becomes irreversible. As 
shown in Figure 1 .4(c), when the magnetic held H 
reaches a certain level, all the magnetic moments 
are arranged parallel to the easy magnetization 
direction nearest to the direction of the external 
magnetic held H. If the external magnetic held 
H increases further, the magnetic moments are 
aligned along H direction, deviating from the easy 
magnetization direction, as shown in Figure 1.4(d). 
In this state, the material shows its greatest magne- 
tization, and the material is magnetically saturated. 

In a polycrystalline magnetic material, the mag- 
netization process in each grain is similar to that 
in a monocrystalline material as discussed above. 
However, due to the magnetostatic and magne- 
tostrictions occurring between neighboring grains, 
the overall magnetization of the material becomes 
quite complicated. The grain structures are impor- 
tant to the overall magnetization of a polycrys- 
talline magnetic material. The magnetization pro- 
cess of magnetic materials is further discussed in 
Section 1.3.4. 1. 

It is important to note that for an ordered magnetic 
material, there is a special temperature called Curie 
temperature (T c ). If the temperature is below the 
Curie temperature, the material is in a magnetically 
ordered phase. If the temperature is higher than 
the Curie temperature, the material will be in a 
paramagnetic phase. The Curie temperature for iron 
is 770 °C, for nickel 358 °C, and for cobalt 1 1 15 °C. 

1.2.2 Macroscopic scale 

The interactions between a macroscopic mate- 
rial and electromagnetic fields can be generally 
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described by Maxwell's equations: 

V D=p (1.1) 

V ■ B — 0 (1.2) 

V xH = dD/dt+J (1.3) 

V x E — —dB /dt (1.4) 

with the following constitutive relations: 

D = sE — (s' — js")E (1.5) 

B = fiH = (ji - }n")H (1.6) 

J=oE (1.7) 




Figure 1.5 The current in a circuit with a capacitor, 
(a) Circuit layout and (b) complex plane showing cur- 
rent and voltage 



where H is the magnetic field strength vector; E, 
the electric field strength vector; B , the magnetic 
flux density vector; D. the electric displacement 
vector; J , the current density vector; p, the charge 
density; s — s' — j s", the complex permittivity of 
the material; fi = p! — j/i", the complex perme- 
ability of the material; and cr, the conductivity of 
the material. Equations (1.1) to (1.7) indicate that 
the responses of an electromagnetic material to 
electromagnetic fields are determined essentially 
by three constitutive parameters, namely permit- 
tivity e, permeability //, and conductivity a . These 
parameters also determine the spatial extent to 
which the electromagnetic field can penetrate into 
the material at a given frequency. 

In the following, we discuss the parameters 
describing two general categories of materials; 
low-conductivity materials and high-conductivity 
materials. 

1. 2.2.1 Parameters describing low-conductivity 
materials 

Electromagnetic waves can propagate in a low- 
conductivity material, so both the surface and inner 
parts of the material respond to the electromag- 
netic wave. There are two types of parameters 
describing the electromagnetic properties of low- 
conductivity materials: constitutive parameters and 
propagation parameters. 

Constitutive parameters 

The constitutive parameters defined in Eqs. (1.5) to 
(1.7) are often used to describe the electromagnetic 



properties of low-conductivity materials. As the 
value of conductivity a is small, we concentrate 
on permittivity and permeability. In a general case, 
both peimittivity and permeability are complex 
numbers, and the imaginary part of permittivity 
is related to the conductivity of the material. In 
the following discussion, we analogize microwave 
signals to ac signals, and distributed capacitor and 
inductor to lumped capacitor and inductor (Von 
Hippel 1995b). 

Consider the circuit shown in Figure 1.5(a). The 
vacuum capacitor with capacitance Co is connected 
to an ac voltage source U — UoexpQeot). The 
charge storage in the capacitor is Q — CqU , and 
the current I flowing in the circuit is 

AQ d j , 

I = -f = -(C 0 U 0 e? mt )=)C 0 coU (1.8) 
dt dt 

So, in the complex plane shown in Figure 1.5(b), 
the current I leads the voltage U by a phase angle 
of 90°. 

Now, we insert a dielectric material into the 
capacitor and the equivalent circuit is shown in 
Figure 1 .6(a). The total current consists of two parts, 
the charging current (7 C ) and loss current (/] ): 

/ = /, + /,= j CcaU + GU = (]Cco + G)U 

(1.9) 

where C is the capacitance of the capacitor 
loaded with the dielectric material and G is the 
conductance of the dielectric material. The loss 
current is in phase with the source voltage U. 
In the complex plane shown in Figure 1.6(b), the 
charging current I c leads the loss current I\ by a 
phase angle of 90°, and the total current / leads 
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Figure 1.6 The relationships between charging current 
and loss current, (a) Equivalent circuit and (b) complex 
plane showing charging current and loss current 



J c = j coe'E J 




Figure 1.7 Complex plane showing the charging cur- 
rent density and loss current density 



the source voltage U with an angle 9 less than 90°. 
The phase angle between 7 C and 7 is often called 
loss angle 8. 

We may alternatively use complex permittiv- 
ity s — s’ — j e" to describe the effect of dielec- 
tric material. After a dielectric material is inserted 
into the capacitor, the capacitance C of the capaci- 
tor becomes 

C = ^ = (e'- je")— (1.10) 

£o £o 

And the charging current is 

7 = jo >(e' — j s") — U — (j cos 1 + cos")—U 
£o £o 

( 1 . 11 ) 

Therefore, as shown in Figure 1.6, the current 
density J transverse to the capacitor under the 
applied field strength E becomes 

, „ d E 

J — (jcos+cos)E — s — (1.12) 

at 

The product of angular frequency and loss factor 
is equivalent to a dielectric conductivity: a — cos". 
This dielectric conductivity sums over all the dis- 
sipative effects of the material. It may represent 
an actual conductivity caused by migrating charge 
carriers and it may also refer to an energy loss asso- 
ciated with the dispersion of s', for example, the 
friction accompanying the orientation of dipoles. 
The latter part of dielectric conductivity will be 
discussed in detail in Section 1.3.1. 

According to Figure 1 .7, we define two parame- 
ters describing the energy dissipation of a dielectric 
material. The dielectric loss tangent is given by 

tan S e = s"/e', (1.13) 



and the dielectric power factor is given by 

cos 9 e — s"/y/ (s') 2 + ( s ") 2 (1.14) 

Equations (1.13) and (1.14) show that for a 
small loss angle <S e , cos 0 tan<5 e . 

In microwave electronics, we often use relative 
permittivity, which is a dimensionless quantity, 
defined by 

£ r = — = — = e'r -je" = <(1 -jtan<5 e ) 

£o £o 

(1.15) 

where s is complex permittivity, 

s r is relative complex permittivity, 

Sq = 8.854 x 1(T 12 F/m is the 

permittivity of free space, 

s' r is the real part of relative complex 

permittivity, 

s" is the imaginary part of relative 
complex permittivity, 
tanS e is dielectric loss tangent, and 
<$ e is dielectric loss angle. 

Now, let us consider the magnetic response 
of low-conductivity material. According to the 
Faraday’s inductance law 

d / 

U = L — , (1.16) 

df 

we can get the magnetization current 7 m : 

U 

/m = -I— (1.17) 

coL o 

where U is the magnetization voltage, Lo is 
the inductance of an empty inductor, and co 
is the angular frequency. If we introduce an 
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(a) (b) 



Figure 1.8 The magnetization current in a complex 
plane, (a) Relationship between magnetization current 
and voltage and (b) relationship between magnetization 
current and loss current 

ideal, lossless magnetic material with relative 
permeability /x', the magnetization field becomes 



given by 

_ _M_ _ M' ~ jM" 

Mo Mo 

= M^ -jMr = Mr(! -jtan5 m ) (1.22) 

where /x is complex complex permeability, 

/x r is relative complex permeability, 

/z 0 = 4 tt x 10 7 H/m is the permeability 
of free space, 

/x' is the real part of relative complex 
permeability, 

/x" is the imaginary part of the relative 
complex permeability, 
tan5 m is the magnetic loss tangent, and 
<5 m is the magnetic loss angle. 



4n = -j 



U 



<x>Lom£ 



(1.18) 



In the complex plane shown in Figure 1.8(a), 
the magnetization current I m lags the voltage 
U by 90° for no loss of magnetic materials. 
As shown in Figure 1.8(b), an actual magnetic 
material has magnetic loss, and the magnetic loss 
current I\ caused by energy dissipation during 
the magnetization cycle is in phase with U. By 
introducing a complex permeability \i — p! — j/x" 
and a complex relative permeability /x r = /x' — j/x" 
in complete analogy to the dielectric case, we 
obtain the total magnetization current 

U j[/(/x'+j/x") 

/m + /l jmLoMr «(Lo/Mo)(m ' 2 + M" 2 ) 

(1.19) 



Similar to the dielectric case, according to 
Figure 1.8, we can also define two parameters 
describing magnetic materials: the magnetic loss 
tangent given by 



tan<5 m = M , 7M^ (1.20) 



In summary, the macroscopic electric and mag- 
netic behavior of a low-conductivity material is 
mainly determined by the two complex parame- 
ters: permittivity (c) and permeability (/x). Per- 
mittivity describes the interaction of a material 
with the electric field applied on it, while per- 
meability describes the interaction of a material 
with magnetic field applied on it. Both the elec- 
tric and magnetic fields interact with materials in 
two ways: energy storage and energy dissipation. 
Energy storage describes the lossless portion of 
the exchange of energy between the field and the 
material, and energy dissipation occurs when elec- 
tromagnetic energy is absorbed by the material. So 
both permittivity and permeability are expressed as 
complex numbers to describe the storage (real part) 
and dissipation (imaginary part) effects of each. 

Besides the permittivity and permeability, another 
parameter, quality factor, is often used to describe 
an electromagnetic material: 




Q m 



m[ 

Mr 



1 

tan<5 e 

1 

tan S m 



(1.23) 

(1.24) 



and the power factor given by 



cos6> m = m"/V (m') 2 + (m") 2 - 



On the basis of the dielectric quality factor Q e 
and magnetic quality factor Q m , we can get the 
total quality factor Q of the material: 



In microwave electronics, relative permeability 
is often used, which is a dimensionless quantity 



1 _ 1 1 
Q ~ Ql + 



0.25) 
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Propagation parameters 

The propagation of electromagnetic waves in a 
medium is determined by the characteristic wave 
impedance r) of the medium and the wave veloc- 
ity v in the medium. The characteristic wave 
impedance >/ is also called the intrinsic impedance 
of the medium. When a single wave propagates 
with velocity v in the Z-positive direction, the 
characteristic impedance rj is defined as the ratio 
of total electric field to total magnetic field at a 
Z-plane. The wave impedance and velocity can be 
calculated from the permittivity and permeability 
of the medium: 



II 


(1.26) 


1 

v = 


(1.27) 



From Eqs. ( 1 .26) and ( 1 .27), we can calculate the 
wave impedance of free space, rj 0 — (/r 0 /£o) 1/2 
= 376.7 T>, and the wave velocity in free space, c — 
(/ro£o) _1/2 = 2.998 x 10 8 m/s. Expressing permit- 
tivity and permeability as complex quantities leads 
to a complex number for the wave velocity (v), 
where the imaginary portion is a mathematical con- 
venience for expressing loss. 

Sometimes, it is more convenient to use the 
complex propagation coefficient y to describe 
the propagation of electromagnetic waves in 
a medium: 

.CO .CO 

Y = 0/ +}P = Jft>VM£= J-n 

c c 

(1.28) 

where n is the complex index of refraction, where 
co is the angular frequency, a is the attenua- 
tion coefficient, ft — 2 ji/X is the phase change 
coefficient, and A is the operating wavelength in 
the medium. 

1.2. 2. 2 Parameters describing high-conductivity 
materials 

For a high-conductivity material, for example a 
metal, Eq. (1.28) for the complex propagation 
constant y should be modified as 

y — ot +)P — jco*/jiE 1 1 - j— (1.29) 



For a high-conductivity material, we assume a 'Ey 
cos, which means that the conducting current is 
much larger than the displacement current. So, 
Eq. (1.29) can be approximated by ignoring the 
displacement current term: 



Y = u +)P = ycoJte 




= d+j) 



We define the skin depth: 




co/aa 

2 

(1.30) 



(1.31) 



The physics meaning of skin depth is that, in a 
high-conductivity material, the fields decay by an 
amount e -1 in a distance of a skin depth S s . At 
microwave frequencies, the skin depth 8 S is a very 
small distance. For example, the skin depth of a 
metal at microwave frequencies is usually on the 
order of 10 7 m. 

Because of the skin effect, the utility and behav- 
ior of high-conductivity materials at microwave 
frequencies are mainly determined by their surface 
impedance Z s : 

E, I IJLCO 

Z S = R S + jX s =-^ = (l+j)/^- (1.32) 

Hi V 2er 

where H { is the tangential magnetic field. E, 
is the tangential electric held, R s is the surface 
resistance, and X s is the surface reactance. For 
normal conductors, a is a real number. According 
to Eq. (1.32), the surface resistance R s and the 
surface reactance X s are equal and they are 
proportional to co l/2 for normal metals: 




1.2.2. 3 Classification of electromagnetic materials 

Materials can be classified according to their 
macroscopic parameters. According to conductiv- 
ity, materials can be classified as insulators, semi- 
conductors, and conductors. Meanwhile, materials 
can also be classified according to their perme- 
ability values. General properties of typical types 
of materials are discussed in Section 1.3. 

When classifying materials according to their 
macroscopic parameters, it should be noted that we 
use the terms insulator, semiconductor, conductor, 
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and magnetic material to indicate the dominant 
responses of different types of materials. All 
materials have some response to magnetic fields 
but, except for ferromagnetic and ferrimagnetic 
types, their responses are usually very small, 
and their permeability values differ from p 0 by 
a negligible fraction. Most of the ferromagnetic 
materials are highly conductive, but we call them 
magnetic materials, as their magnetic properties 
are the most significant in their applications. For 
superconductors, the Meissner effect shows that 
they are a kind of very special magnetic materials, 
but in microwave electronics, people are more 
interested in their surface impedance. 

Insulators 

Insulators have very low conductivity, usually in the 
range of 10 -12 to 10 -20 (flm)” 1 . Often, we assume 
insulators are nonmagnetic, so they are actually 
dielectrics. In theoretical analysis of dielectric 
materials, an ideal model, perfect dielectric, is often 
used, representing a material whose imaginary part 
of permittivity is assumed to be zero: e" — 0. 

Semiconductors 

The conductivity of a semiconductor is higher 
than that of a dielectric but lower than that 
of a conductor. Usually, the conductivities of 
semiconductors at room temperature are in the 
range of 10 -7 to 10 4 (Gm) -1 . 

Conductors 

Conductors have very high conductivity, usually 
in the range of 10 4 to 10 8 (Cm) -1 . Metals are 
typical conductors. There are two types of special 
conductors: perfect conductors and superconduc- 
tors. A perfect conductor is a theoretical model 
that has infinite conductivity at any frequencies. 
Superconductors have very special electromagnetic 
properties. For dc electric fields, their conductivity 
is virtually infinite; but for high-frequency electro- 
magnetic fields, they have complex conductivities. 

Magnetic materials 

All materials respond to external magnetic fields, 
so in a broad sense, all materials are magnetic 



materials. According to their permeability values, 
materials generally fall into three categories: dia- 
magnetic (/z < /r 0 ), paramagnetic (p. > /z 0 ), and 
highly magnetic materials mainly including ferro- 
magnetic and ferrimagnetic materials. The perme- 
ability values of highly magnetic materials, espe- 
cially ferromagnetic materials, are much larger 
than (jlq. 

1.3 GENERAL PROPERTIES 
OF ELECTROMAGNETIC MATERIALS 

Here, we discuss the general properties of typi- 
cal electromagnetic materials, including dielectric 
materials, semiconductors, conductors, magnetic 
materials, and artificial materials. The knowledge 
of general properties of electromagnetic materi- 
als is helpful for understanding the measurement 
results and correcting the possible errors one may 
meet in materials characterization. In the final part 
of this section, we will discuss other descriptions 
of electromagnetic materials, which are important 
for the design and applications of electromag- 
netic materials. 

1.3.1 Dielectric materials 

Figure 1.9 qualitatively shows a typical behavior 
of permittivity (s' and e") as a function of fre- 
quency. The permittivity of a material is related to 
a variety of physical phenomena. Ionic conduction, 
dipolar relaxation, atomic polarization, and elec- 
tronic polarization are the main mechanisms that 
contribute to the permittivity of a dielectric mate- 
rial. In the low frequency range, e" is dominated 
by the influence of ion conductivity. The variation 
of permittivity in the microwave range is mainly 
caused by dipolar relaxation, and the absorption 
peaks in the infrared region and above is mainly 
due to atomic and electronic polarizations. 

1.3. 1.1 Electronic and atomic polarizations 

Electronic polarization occurs in neutral atoms 
when an electric field displaces the nucleus with 
respect to the surrounding electrons. Atomic polar- 
ization occurs when adjacent positive and negative 
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waves 

Frequency (Hz) 

Figure 1.9 Frequency dependence of permittivity for a hypothetical dielectric (Ramo el al. 1994). Source: 
Ramo, S. Whinnery, J. R and Van Duzer, T. (1994). Fields and Waves in Communication Electronics, 3rd edition, 
John Wiley & Sons, Inc., New York 




Figure 1.10 The behavior of permittivity due to elec- 
tronic or atomic polarization. Reprinted with permis- 
sion from Industrial Microwave Sensors, by Nyfors, E. 
and Vainikainen, P., Artech House Inc., Norwood, MA. 
USA. www.artechhouse.com 

ions stretch under an applied electric field. Actu- 
ally, electronic and atomic polarizations are of sim- 
ilar nature. Figure 1.10 shows the behavior of per- 
mittivity in the vicinity of the resonant frequency 
coq. In the figure, A is the contribution of higher 
resonance to s[ at the present frequency range, and 
2B/a>o is the contribution of the present resonance 
to lower frequencies. For many dry solids, these 
are the dominant polarization mechanisms deter- 
mining the permittivity at microwave frequencies, 
although the actual resonance occurs at a much 
higher frequency. If only these two polarizations 



are present, the materials are almost lossless at 
microwave frequencies. 

In the following discussion, we focus on elec- 
tronic polarization, and the conclusions for elec- 
tronic polarization can be extended to atomic 
polarization. When an external electric field is 
applied to neutral atoms, the electron cloud of the 
atoms will be distorted, resulting in the electronic 
polarization. In a classical model, it is similar to a 
spring-mass resonant system. Owing to the small 
mass of the electron cloud, the resonant frequency 
of electronic polarization is at the infrared region 
or the visible light region. Usually, there are sev- 
eral different resonant frequencies corresponding 
to different electron orbits and other quantum- 
mechanical effects. For a material with 5 different 
oscillators, its permittivity is given by (Nyfors and 
Vainikainen 1989) 



S r = 



‘ + E 

S 



(n s e 2 )/(s Q m s ) 
co 2 — co 2 + j co 2 a s 



0-34) 



where n s is the number of electrons per volume with 
resonant frequency co s , e is the charge of electron, 
m s is the mass of electron, co is the operating angular 
frequency, and a s is the damping factor. 

As microwave frequencies are far below the 
lowest resonant frequency of electronic polariza- 
tion, the permittivity due to electronic polariza- 
tion is almost independent of the frequency and 
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temperature (Nyfors and Vainikainen 1989): 



£r 



> + £ 

S 



N s e 2 
s 0 m s co 2 



(1.35) 



Eq. (1.35) indicates that the permittivity s r is a 
real number. However, in actual materials, small 
and constant losses are often associated with this 
type of polarization in the microwave range. 



1.3. 1.2 Dipolar polarization 

In spite of their different origins, various types 
of polarizations at microwave and millimeter-wave 
ranges can be described in a similar qualitative way. 



In most cases, the Debye equations can 


be applied. 


although they were firstly derived for the special 
case of dipolar relaxation. According to Debye 
theory, the complex permittivity of a dielectric can 


be expressed as (Robert 1988) 




. ^rO ^roo 

£r _ £roo + l+j/J 


(1.36) 


with 




£roo = lim^ooSr 


(1.37) 


£rO = lini^y— >o^r 


(1.38) 


£ r 0 + 2 

P = r WT 

£roo + 2 


(1.39) 



where r is the relaxation time and to is the oper- 
ating angular frequency. Equation (1.36) indicates 
that the dielectric permittivity due to Debye relax- 
ation is mainly determined by three parameters, £r0 , 
e roo , and t. At sufficiently high frequencies, as the 
period of electric field E is much smaller than the 
relaxation time of the permanent dipoles, the orien- 
tations of the dipoles are not influenced by electric 
field E and remain random, so the permittivity at 
infinite frequency e roo is a real number. As £oo is 
mainly due to electronic and atomic polarization, 
it is independent of the temperature. As at suffi- 
ciently low frequencies there is no phase difference 
between the polarization P and electric field E. £ r0 
is a real number. But the static permittivity e r0 
decreases with increasing temperature because of 
the increasing disorder, and the relaxation time r 




Figure 1.11 The frequency dependence of the com- 
plex permittivity according to the Debye relation (Robert 
1988). Reprinted with permission from Electrical and 
Magnetic Properties of Materials by Robert, P.. Artech 
House Inc., Norwood, MA, USA, www.artechhouse.com 



is inversely proportional to temperature as all the 
movements become faster at higher temperatures. 

From Eq. (1.36), we can get the real and imag- 
inary parts of the permittivity and the dielectric 
loss tangent: 



S r = £n 



+ 



Sr 






■ — S K 

l + f 1 

£roo 



P 



tan<$ e = 



l + P 2 

S rO Coo 

Co T" Srocft' 



:P 



(1.40) 

(1.41) 

(1.42) 



Figure 1.11 shows the variation of complex per- 
mittivity as a function of frequency. At the frequency 



^max — 




+ 2 



(1.43) 



Co + 2 

the dielectric loss tangent reaches its maximum 
value (Robert 1988) 

1 



tan <5max — 



SrO 



2 Co Coo 



(1.44) 



The permittivity as a function of frequency is 
often presented as a two-dimensional diagram, 
Cole-Cole diagram. We rewrite Eq. (1.36) as 



S r Coo J£ r 



Co £it 



(1.45) 



l+j/3 

As the moduli of both sides of Eq. ( 1 .45) should 
be equal, we have 






of + (s '!) 2 = 



(Co Coo) 
1 + / 6 2 



(1.46) 
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After eliminating the term p 2 using Eq. (1.40), 
we get (Robert 1988) 

(C £roo)~ 4“ (£ r ) _ — (e r Coo)(C0 Coo) 

(1.47) 

Eq. (1.47) represents a circle with its center on 
the e' r axis. Only the points at the top half 
of this circle have physical meaning as all the 
materials have nonnegative value of imaginary part 
of permittivity. The top half of the circle is called 
Cole-Cole diagram, as shown in Figure 1.12. 

The relaxation time r can be determined from 
the Cole-Cole diagram. According to Eqs. (1.40) 
and (1.41), we can get 

s' r ' = (i(e[ - £ roo ) (1.48) 

£" = ~ £.0) 0.49) 

As shown in Figure 1.12, for a given operating 
frequency, the p value can be obtained from 
the slope of a line pass through the point 
corresponding to the operating frequency and the 
point corresponding to or £ roo . After obtaining 
the p value, the relaxation time r can be calculated 
from p according to Eq. (1.39). 

In some cases, the relaxation phenomenon 
may be caused by different sources, and the 
dielectric material has a relaxation-time spectrum. 
For example, a moist material contains water 
molecules bound with different strength. Depend- 
ing on the moisture and the strength of binding 




water, the material exhibits a distribution of relax- 
ation frequencies. Often an empirical constant, a, 
is introduced and Eq. (1.36) is modified into the 
following form (Robert 1988): 



£r — Coo + 



Cl) Cog 

1 + a A) 1 - 0 



(1.50) 



where a is related to the distribution of p values, 
and p a denotes the most possible p value. The 
constant a is in the range 0 < a < 1 . When a — 0, 
Eq. (1.50) becomes Eq. (1.36), and in this case, 
there is only single relaxation time. When the value 
of a increases, the relaxation time is distributed 
over a broader range. 

If we separate the real and imaginary parts of 
Eq. (1.50) and then eliminate p a , we can find that 
the s'' (s') curve is also a circle passing through 
the points £ r0 and £ roo , as shown in Figure 1.13. 
The center of the circle is below the s' axis with a 
distance d given by 



, Co Coo ,, , , c , . 

d = tan# (1.51) 

2 



where 0 is the angle between the s[ axis and the 
line connecting the circle center and the point £ roo : 

6 = a- (1.52) 

2 



Similar to Figure 1.12, only the points above the s' 
axis have physical meaning. Equations (1.51) and 
(1.52) indicate that the empirical constant a can be 
calculated from the value of d or 9. 




Figure 1.12 The Cole-Cole presentation for a single 
relaxation time (Robert 1988). Reprinted with permis- 
sion from Electrical and Magnetic Properties of Mate- 
rials by Robert, P., Artech House Inc., Norwood, MA. 
USA. www.arteehhouse.com 



Figure 1.13 Cole-Cole diagram for a relaxation-time 
spectrum. Reprinted with permission from Electrical 
and Magnetic Properties of Materials by Robert, P., 
Artech House Inc., Norwood, MA, USA, 
www.artechhouse.com 
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1.3. 1.3 Ionic conductivity 

Usually, ionic conductivity only introduces losses 
into a material. As discussed earlier, the dielectric 
loss of a material can be expressed as a function 
of both dielectric loss (e^,) and conductivity (cr ): 

s" = 4+— (1.53) 

<X>So 

The overall conductivity of a material may con- 
sist of many components due to different conduc- 
tion mechanisms, and ionic conductivity is usually 
the most common one in moist materials. At low 
frequencies, s" is dominated by the influence of 
electrolytic conduction caused by free ions in the 
presence of a solvent, for example water. As indi- 
cated by Eq. (1.53), the effect of ionic conductivity 
is inversely proportional to operating frequency. 

1.3. 1.4 Ferroelectricity 

Most of the dielectric materials are paraelectric. 
As shown in Figure 1.14(a), the polarization of 
a paraelectric material is linear. Besides, the 
ions in paraelectric materials return to their 
original positions once the external electric field is 
removed; so the ionic displacements in paraelectric 
materials are reversible. 

Ferroelectric materials are a subgroup of pyro- 
electric materials that are a subgroup of piezo- 
electric materials. For ferroelectric materials, the 



response of polarization versus electric field is non- 
linear. As shown in Figure 1.14(b), ferroelectric 
materials display a hysteresis effect of polarization 
with an applied field. The hysteresis loop is caused 
by the existence of permanent electric dipoles in 
the material. When the external electric field is ini- 
tially increased from the point 0, the polarization 
increases as more of the dipoles are lined up. When 
the field is strong enough, all dipoles are lined up 
with the field, so the material is in a saturation 
state. If the applied electric field decreases from the 
saturation point, the polarization also decreases. 
However, when the external electric field reaches 
zero, the polarization does not reach zero. The 
polarization at zero field is called the remanent 
polarization. When the direction of the electric 
field is reversed, the polarization decreases. When 
the reversed field reaches a certain value, called 
the coercive field, the polarization becomes zero. 
By further increasing the field in this reverse direc- 
tion, the reverse saturation can be reached. When 
the field is decreased from the saturation point, the 
sequence just reverses itself. 

For a ferroelectric material, there exists a par- 
ticular temperature called the Curie temperature. 
Ferroelectricity can be maintained only below the 
Curie temperature. When the temperature is higher 
than the Curie temperature, a ferroelectric material 
is in its paraelectric state. 

Ferroelectric materials are very interesting sci- 
entifically. There are rich physics phenomena near 




Figure 1.14 Polarization of dielectric properties, (a) Polarization of linear dielectric and (b) typical hysteresis 
loop for ferroelectric materials. Modified from Bolton, W. (1992). Electrical and Magnetic Properties of Materials, 
Longman Scientific & Technical, Harlow 
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Figure 1.15 Schematic view of the temperature de- 
pendence of a ferroelectric material near its Curie 
temperature 

the Curie temperature. As shown in Figure 1.15, 
the permittivity of a ferroelectric material changes 
greatly with temperature near the Curie tempera- 
ture. Dielectric constant increases sharply to a high 
value just below the Curie point and then steeply 
drops just above the Curie point. For example, bar- 
ium titanate has a relative permittivity on the order 
of 2000 at about room temperature, with a sharp 
increase to about 7000 at the Curie temperature of 
120 °C. The dielectric loss decreases quickly when 
the material changes from ferroelectric state to 
paraelectric state. Furthermore, for a ferroelectric 
material near its Curie temperature, its dielectric 
constant is sensitive to the external electric field. 

Ferroelectric materials have application poten- 
tials in various fields, including miniature capaci- 
tors, electrically tunable capacitors and electrically 
tunable phase-shifters. Further discussions on fer- 
roelectric materials can be found in Chapter 9. 



1.3.2 Semiconductors 

There are two general categories of semiconduc- 
tors: intrinsic and extrinsic semiconductors. An 
intrinsic semiconductor is also called a pure semi- 
conductor or an undoped semiconductor. The band 
structure shown in Figure 1 .2(b) is that of an intrin- 
sic semiconductor. In an intrinsic semiconductor, 
there are the same numbers of electrons as holes. 
Intrinsic semiconductors usually have high resis- 
tivity, and they are often used as the starting 
materials for fabricating extrinsic semiconductors. 



Silicon and germanium are typical intrinsic semi- 
conductors. 

An extrinsic semiconductor is obtained by 
adding a very small amount of impurities to 
an intrinsic semiconductor, and this procedure is 
called doping. If the impurities have a higher 
number of valence electrons than that of the 
host, the resulting extrinsic semiconductor is called 
type n, indicating that the majority of the mobile 
charges are negative (electrons). Usually the host is 
silicon or germanium with four valence electrons, 
and phosphorus, arsenic, and antimony with live 
valence electrons are often used as dopants in 
type n semiconductors. Another type of extrinsic 
semiconductor is obtained by doping an intrinsic 
semiconductor using impurities with a number of 
valence electrons less than that of the host. Boron, 
aluminum, gallium, and indium with three valence 
electrons are often used for this purpose. The 
resulted extrinsic semiconductor is called type p, 
indicating that the majority of the charge carriers 
are positive (holes). 

Both the free charge carriers and bounded 
electrons in ions in the crystalline lattice have 
contributions to the dielectric permittivity e = s' — 
j e" (Ramo et al. 1994): 

, n t e 2 

e = e i —5 — 

m(v z + ar) 



com(v 2 + co 2 ) 

where £i is related to the effects of the bound 
electrons to the positive background. n t is the 
density of the charge carriers, v is the collision 
frequency, co is the circular frequency, m is the 
mass of the electron, and ( n e e 2 /mv ) equals the 
low frequency conductivity a . 

At microwave frequency {co 2 v 2 ), for semi- 
conductors with low to moderate doping, whose 
conductivity is usually not higher than 1 S/m, the 
second term of Eq. ( 1 .54) is negligible. So the per- 
mittivity can be approximated as 

a 

e — s i — j— (1.56) 

co 

Besides the permittivity discussed above, the 
electrical transport properties of semiconductors, 
including Hall mobility, carrier density, and con- 



(1.54) 

(1.55) 
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ductivity are important parameters in the devel- 
opment of electronic components. Discussions on 
electrical transport properties can be found in 
Chapter 11. 

1.3.3 Conductors 

Conductors have high conductivity. If the con- 
ductivity is not very high, the concept of per- 
mittivity is still applicable, and the value of per- 
mittivity can be approximately calculated from 
Eqs. (1.54) and (1.55). For good conductors with 
very high conductivity, we usually use penetra- 
tion depth and surface resistance to describe the 
properties of conductors. As the general properties 
of normal conductors have been discussed earlier, 
here we focus on two special types of conductors: 
perfect conductors and superconductors. It should 
be noted that perfect conductor is only a theoretical 
model, and no perfect conductor physically exists. 

A perfect conductor refers to a material within 
which there is no electric field at any frequency. 
Maxwell equations ensure that there is also no 
time-varying magnetic field in a perfect conduc- 
tor. However, a strictly static magnetic field should 
be unaffected by the conductivity of any value, 
including infinite conductivity. Similar to an ideal 
perfect conductor, a superconductor excludes time- 
varying electromagnetic fields. Furthermore, the 
Meissner’s effect shows that constant magnetic 
fields, including strictly static magnetic fields, are 
also excluded from the interior of a superconduc- 
tor. From the London theory and the Maxwell's 
equations, we have 

B = B 0 e~ z/lL (1.57) 

with the London penetration depth given by 




where B is the magnetic field in the depth z, B 0 
is the magnetic field at the surface z — 0, m is the 
mass of an electron, p is permeability, n e is the 
density of the electron, and e is the electric charge 
of an electron. So an important difference between 
a superconductor and a perfect conductor is that, 
for a superconductor, Eq. (1.57) applies for both 
time-varying magnetic field and static magnetic 



field; while for a perfect conductor, Eq. (1.57) only 
applies for time-varying magnetic fields. 

For a superconductor, there exists a critical tem- 
perature T c . When the temperature is lower than 
T c , the material is in superconducting state, and at 
Tc the material undergoes a transition from nor- 
mal state into superconducting state. A material 
with low T c is called a low-temperature super- 
conducting (LTS) material, while a material with 
high T c is called a high-temperature superconduct- 
ing (HTS) material. LTS materials are metallic 
elements, compounds, or alloys, and their critical 
temperatures are usually below about 24 K. HTS 
materials are complex oxides and their critical tem- 
perature may be higher than 100 K. HTS materials 
are of immediate interest for microwave applica- 
tions because of their very low surface resistance at 
microwave frequency at temperatures that can be 
readily achieved by immersion in liquid nitrogen 
or with cryocoolers. In contrast to metallic super- 
conductors, HTS materials are usually anisotropic, 
exhibiting strongest superconductive behavior in 
preferred planes. When these materials are used 
in planar microwave structures, for example, thin- 
film transmission lines or resonators, these pre- 
ferred planes are formed parallel to the surface 
to facilitate current flow in the required direc- 
tion (Lancaster 1997; Ramo et al. 1994). 

The generally accepted mechanism for super- 
conductivity of most LTS materials is phonon- 
mediated coupling of electrons with opposite spin. 
The paired electrons, called Cooper pears , travel 
through the superconductor without being scat- 
tered. The BCS theory describes the electron pair- 
ing process, and it explains the general behav- 
ior of LTS materials very well. However, despite 
the enormous efforts so far, there is no theory 
that can explain all aspects of high-temperature 
superconductivity. Fortunately, an understanding 
of the microscopic theory of superconductivity in 
HTS materials is not required for the design of 
microwave devices (Lancaster 1997; Shen 1994). 
In the following, we discuss some phenomeno- 
logical theories based on the London equations 
and the two-fluid model. We will introduce some 
commonly accepted theories for explaining the 
responses of superconductors to electromagnetic 
fields, and our discussion will be focused on the 
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penetration depth, surface impedance, and complex 
conductivity of superconductors. 



1.3. 3.1 Penetration depth 



The two-fluid model is often used in analyzing 
superconductors, and it is based on the assumption 
that there are two kinds of fluids in a superconduc- 
tor: a superconductive current with a carrier den- 
sity n s and a normal current with a carrier density 
n„, yielding a total carrier density n — n s + n n . At 
temperatures below the transition temperature T c , 
the equilibrium fractions of the normal and the 
superconducting electrons vary with the absolute 
temperature T : 





n 




(1.60) 



From Eqs. (1.59) and (1.60), we can get the 
relationship between the penetration depth A.l and 
temperature T : 

1 

2 

(1.61) 



k L CO - k L (0) 



1 - 1 — 

Tc 



with 



k L (0) = 




(1.62) 



where m s and q s are the effective mass and 
electrical charge of the superconductive carriers. 
Eq. (1.62) indicates that the penetration depth has 
a minimum value of penetration depth A.l(0) at 
T = OK. 



1.3. 3.2 Surface impedance and complex 
conductivity 

The surface impedance is defined as the charac- 
teristic impedance seen by a plane wave incident 
perpendicularly upon a flat surface of a conductor. 
According to Eqs. (1.32) and (1.33), the surface 
impedance of normal conductors, such as silver, 
copper, or gold, can be calculated from their con- 
ductivity a . For a normal conductor, the value of 
its conductivity a is a real number, and the sur- 
face resistance R s and the surface reactance X s are 



equal, and they are proportional to the square root 
of the operating frequency of' 2 . 

If we want to calculate the impedance of a super- 
conductor using Eq. (1.32), the concept of complex 
conductivity should be introduced. According to 
the two-fluid model, there are two types of cur- 
rents: a superconducting current with volume den- 
sity J s and a normal current with volume density 
J n . Correspondingly, the conductivity a also con- 
sists of two components: superconducting conduc- 
tivity cr s and normal conductivity er n , respectively. 
The total conductivity of a superconductor is given 
by a — er s + cr n . 

The superconducting conductivity cr s is purely 
imaginary and does not contribute to the loss: 



cr s = . 1 - (1.63) 

jcu/xAl 



While the normal conductivity er n contains both 
real and imaginary components and the real part 
contributes to the loss: 



On — OTl — jOn2 — 



»n ql \ 

m n ) 



X 

1 + ](DX 



/ n n qlz \ 1 - jcur 
V m n ) 1 + (cot) 2 



(1.64) 



where q n is the electrical charge for the normal 
carriers, r is the relaxation time for electron 
scattering, and m n is the effective mass of the 
normal carriers. Therefore, the total conductivity 
a of a superconductor is then obtained: 



o' — On + er s — 



m n ) 



1 

1 + (cot) 2 



( \ 
V m n ) 



COT . 1 

l + (cot) 2 \op.k[ 



(1.65) 



At microwave frequencies (cot <<t 1), Eq. (1.65) 
can be simplified as 



n n q„T . 1 

CT — CT\ j<72 — J TT 

m n oop.X L 



( 1 . 66 ) 



where rr, and o? are the real and imaginary 
components of the complex conductivity. The 
real part of complex conductivity represents the 
loss due to the normal carriers, whereas its 
imaginary part represents the kinetic energy of the 
superconductive carriers. 
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From Eqs. (1.32), (1.33) and Eq. (1.66), we can 
calculate the surface impedance of a superconductor: 



Z s 



Rs + j^s 



I jcofi _ j ( l + j— 

a\ -jor 2 V a 2 \ 02 



2 



(1.67) 



As usually cri <t 2 , Eq. (1.67) can be simpli- 
fied as 

Z s = R s + j7f s 




Z s = copX L 



( 1 . 68 ) 

(1.69) 

(1.70) 



where cr N is the conductivity of the superconductor 
in its normal state: 



ctn 



nqlr 



(1.71) 



«n<7n' T 



« n 
CT N 

n 



ctn 



F ) (1-72) 

r. 



According to Eqs. (1.67) to (1.72), the two- 
fluid model leads to the prediction that the 
surface resistance R s is proportional to of for 
superconductors, which is quite different from the 
af /2 frequency dependence for normal conductors. 



1.3.4 Magnetic materials 

As the penetration depth of metals at microwave 
frequencies is on the order of a few microns, 
the interior of a metallic magnetic material does 
not respond to a microwave magnetic field. 
So, metallic magnetic materials are seldom used 
as magnetic materials at microwave frequencies. 
Here, we concentrate on magnetic materials with 
low conductivity. 

The frequency dependence of magnetic materi- 
als is quite complicated (Smit 1971; Fuller 1987), 
and some of the underlying mechanisms have not 
been fully understood. Figure 1.16 shows the typ- 
ical magnetic spectrum of a magnetic material. 




Figure 1.16 Frequency dependence of permeability 
for a hypothetical ferromagnetic material 



At different frequency ranges, different physics 
phenomena dominate. In the low frequency range 
(/ < 10 4 Hz), h' and // " almost do not change 
with frequency. In the intermediate frequency 
range (10 4 < / < 10 6 Hz), p,' and p" change 
a little, and for some materials, p" may have 
a maximum value. In the high-frequency range 
(10 6 < / < 10 8 Hz), p' decreases greatly, while 
p" increase quickly. In the ultrahigh frequency 
range (10 8 < / < 10 10 Hz), ferromagnetic reso- 
nance usually occurs. In the extremely high fre- 
quency range (/ > 10 10 Hz), the magnetic proper- 
ties have not been fully investigated yet. 



1. 3.4.1 Magnetization and hysteresis loop 

Figure 1.17 shows the typical relationship between 
the magnetic flux density B in a magnetic material 
and the magnetic field strength H. As discussed in 

B 




Figure 1.17 The hysteresis loop for a magnetic 
material 
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Section 1.2. 1.2, at the starting point 0, the domains 
are randomly orientated, so the net magnetic flux 
density is zero. The magnetic flux density B 
increases with the increase of the magnetic field 
strength H, as the domains close to the direction 
of the magnetic field grow. This continues until 
all the domains are in the same direction with the 
magnetic held H and the material is thus saturated. 
At the saturation state, the flux density reaches 
its maximum value B m . When the magnetic field 
strength is reduced to zero, the domains in the 
material turn to their easy-magnetization directions 
close to the direction of the magnetic field H , and 
the material retains a remanence flux density B r . 
If we reverse the direction of the magnetic field, 
the domains grow in the reverse direction. When 
the numbers of the domains in the H direction 
and opposite the H direction are equal, that is, the 
flux density becomes zero, the value of the applied 
magnetic field is called coercive field H c . Further 
increase in the strength of the magnetic field in the 
reverse direction results in further growth of the 
domains in the reverse direction until saturation in 
the reverse direction is achieved. When this field 
is reduced to zero, and then reversed back to the 
initial direction, we can get a closed hysteresis loop 
of the magnetic material. 

In most cases, magnetic materials are anisotropic 
for magnetization. For a hexagonal ferrite, there 
exists an easy-magnetization direction and a hard- 
magnetization direction. As shown in Figure 1.18, 
in the easy-magnetization direction, saturation can 




Figure 1.18 Magnetization curves for an anisotropic 
magnetic material. Curve 1 is the magnetization in 
the easy-magnetization direction and Curve 2 is the 
magnetization in the hard-magnetization direction 




Figure 1.19 Preferential directions for a ferroxplana 
material (Smit 1971). Source: Smit, J. (editor), (1971), 
Magnetic Properties of Materials, McGraw-Hill, 
New York 

be easily achieved, while in the hard-magnetization 
direction, high magnetic held is required for 
saturation. The magnetic field H a corresponding 
to the cross point of the two magnetization curves 
is called anisotropic field. 

There are two typical types of anisotropies 
of magnetic materials: axis anisotropy and plane 
anisotropy for a hexagonal structure. Figure 1.19 
shows the potential directions for a ferrox- 
plana material. If the easy-magnetization direc- 
tion is along the c-axis, the material has uniaxial 
anisotropy, usually described by the anisotropic 
field //,. If the easy-magnetization direction is in 
the c-plane, the material has planar anisotropy. 
Planar anisotropy is usually described by the 
anisotropic fields /7„ and H tj , where Hg is the 
magnetic field required for turning a domain in 
one preferential magnetization direction in the c- 
plane to another preferential magnetization direc- 
tion in the c-plane through the hard-magnetization 
c-axis, and H< f , is the magnetic field required for 
turning a domain in one preferential magnetiza- 
tion direction in the c-plane to another preferential 
magnetization direction in the c-plane within the 
easy-magnetization plane. 

The coercive field H c is an important param- 
eter in describing the properties of a magnetic 
material. The value of coercive field H c is mainly 
governed by two magnetization phenomena: rota- 
tion of domain and movement of domain wall. It 
is related to intrinsic magnetic properties, such as 
anisotropic held and domain-wall energy, and it is 
also related to the microstructures of the material, 
such as grain size and domain-wall thickness. 
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Besides, the amount and distribution of impurities 
in the material also affects the value of the coercive 
field H c . 



1.3. 4.2 Definitions of scalar permeability 

As the relationship between the magnetic flux 
density B and the magnetic field strength H is 
nonlinear, the permeability is not a constant but 
varies with the magnetic field strength. Usually, it 
is not necessary to have a complete knowledge of 
the magnetic field dependence of permeability. In 
the mathematical treatment of general applications, 
the relative permeability is simply a number 
denoted by the symbol // r , but for different 
cases, permeability has different physical meaning. 
On the basis of the hysteresis loop shown in 
Figure 1.20, we can distinguish four definitions 
of scalar permeability often used in materials 
research (Robert 1988). 

The initial relative permeability is defined as 

1 B 

Bn — — lmitf^o— (1-73) 

Mo H 

It is applicable to a specimen that has never 
been subject to irreversible polarization. It is a 




Figure 1.20 Definitions of four scalar permeabili- 
ties (Robert 1988). Reprinted with permission from 
Electrical and Magnetic Properties of Materials, by 
Robert, P., Artech House Inc., Norwood, MA, USA, 
www.artechhouse.com 




Figure 1.21 The dependence of permeability on mag- 
netic field 



theoretical value corresponding to a zero field, 
and in a strict meaning, it cannot be directly 
measured. Usually, the initial relative permeability 
is determined by extrapolation. In practice, /t n is 
often given as the relative permeability measured 
in a weak field lying between 100 and 200 A/m. 

Figure 1.21 shows the relationship between 
(dB/dH) and H corresponding to the dashed line 
in Figure 1.20. The (dB/dH) value point at H — 0 
equals the initial permeability discussed above. At 
the point H m , which satisfies 



d 2 B 
d/7 1 



= 0 , 



(1.74) 



the value of (dB/dH) reaches its maximum value, 
which is defined as maximum permeability (MoMrmX 
as shown in Figures 1 .20 and 1.21. The value of Mrm 
can be taken as a good approximation of the relative 
permeability for a low-frequency alternating field 
with amplitude H m . 

Now, we consider the case when an alternating 
field H 2 is superimposed on a steady field H\ 
parallel to H 2 . If H 2 B> H\, the hysteresis loop is 
simply translated without substantial deformation. 
If H 2 H\, there will be an eccentric local loop, 
which is always contained within the main cycle. 
In the presence of a superimposed steady field 
Hi, the differential relative permeability n r A is 
defined by 

1 A B 



MrA — 



Mo A// 



(1.75) 



where AH is the amplitude of the alternating 
field and AB is the corresponding variation of the 
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magnetic induction. The reversible relative perme- 
ability n rr is the value of the differential relative 
permeability for an alternating field tending to zero 

1 A B 

M rr= l im A// -> 07-77 (1-76) 

MO A# 

1.3.4. 3 Soft and hard magnetic materials 

According to the values of their coercive fields, 
magnetic materials can be classified into soft and 
hard magnetic materials. Figure 1.22(a) shows a 
typical hysteresis loop of a soft magnetic material. 
The term soft is applied to a magnetic material 
that has a low coercive field, so only a small 
magnetic field strength is required to demagnetize 
or reverse the direction of the magnetic flux 
in the material. Usually, soft magnetic material 
has high permeability. The area enclosed by the 
hysteresis loop is usually small, so little energy is 
lost in the magnetization cycle. In a microscopic 
scale, the domains in a soft magnetic material can 
easily grow and rotate. Soft magnetic materials 
are widely used for electrical applications, such as 
transformer cores. Figure 1.22(b) shows a typical 
hysteresis curve for a hard magnetic material. A 
hard magnetic material has a high coercive field, so 
it is difficult to demagnetize it. The permeability of 
a hard magnetic material is usually small. Besides, 
a hard magnetic material usually has a large area 
enclosed by the hysteresis loop. Flard magnetic 
materials are often used as permanent magnets. 

It should be emphasized that the coercive field 
If is the criteria for the classification of soft and 




Figure 1.22 Hysteresis loops, (a) Soft magnetic mate- 
rials and (b) hard magnetic materials. Source: Bolton, 
W. (1992), Electrical and Magnetic Properties of Mate- 
rials, Longman Scientific & Technical, Harlow 
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Figure 1.23 Rectangular hysteresis loops, (a) Soft 
magnetic material and (b) hard magnetic material 

hard magnetic materials. Generally speaking, the 
coercive field of a soft magnetic material is less than 
ten oersted, while that of a hard magnetic material 
is larger than several hundred oersted. It should be 
noted that remanence flux density B, is not a criteria 
for the classification of soft and hard magnetic 
materials. A magnetic material with rectangular 
hysteresis loop has a relatively high value of B r , 
but high value of B r does not mean high value of 
H c . As shown in Figure 1.23(a) and (b), both soft 
and hard magnetic materials can have rectangular 
hysteresis loops. 

For a material with rectangular hysteresis loop, 
when the magnetizing field is removed, the flux 
density almost remains unchanged, so that the 
remanence flux density is virtually the same as the 
saturation one. This means that, once the material 
is magnetized, it retains most of the flux density 
when the magnetizing field is switched off. These 
materials are often used in magnetic recording. 

1.3. 4. 4 Magnetic resonance 

Magnetic resonance is an important loss mecha- 
nism of magnetic materials, and should be taken 
into full consideration in the application of mag- 
netic materials. For most of the magnetic materials, 
the energy dissipation at microwave frequencies is 
related to natural resonance and wall resonance. 

Natural resonance 

As shown in Figure 1 .24, under a dc magnetic field 
H and ac magnetic field h, the magnetic moment M 
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Figure 1.24 Precession of magnetic moment 



makes a precession around the dc magnetic field H, 
and the ac magnetic field h provides the energy to 
compensate the energy dissipation of the precession. 
This is the origin of ferromagnetic resonance, and 
can be described by the Gilbert equation: 



AM 

df 



k AM 

—yM x H H M x 

r M At 



(1.77) 



where y — 2.8MHz/Oe is the gyromagnetic ratio 
and k is the damping coefficient. The dc magnetic 
field H includes external dc magnetic field H 0 , 
anisotropic field H a , demagnetization field H d , and 
so on. If H 0 = 0, the ferromagnetic resonance is 
usually called natural resonance. In the following 
text, we concentrate on natural resonance of 



ferrites and ferromagnetic resonance under the 
application of external dc magnetic field will be 
discussed in Chapter 8. 

The resonance frequency f r of a natural res- 
onance is mainly determined by the anisotropic 
field of material. For a material with uniaxial 
anisotropy, the resonance frequency is given by 

fr = yHa (1.78) 

For a material with planar anisotropic anisotropy, 
the resonance frequency is given by 

fr — y(Hg ■ Hy)^ 2 (1.79) 

There are two typical types of resonances: 
Lorentzian type and Debye type. It should be indi- 
cated that, in actual materials, natural resonance 
may be in a type between the Lorentzian one and 
the Debye one. The Lorentzian type occurs when 
k is much smaller than one, and it is also called 
resonant type. From Eq. (1.77), we can get 



Mr — 1 + 



Xo 

1 - (///r) 2 +j(2A///r) 



(1.80) 



where xo is the static susceptibility of the mate- 
rial, / r is the resonance frequency, and / is 
the operation frequency. Figure 1.25(a) shows a 
typical permeability spectrum of a resonance with 
Lorentzian type. 




Figure 1.25 Two types of permeability spectrums. (a) Lorentzian type. The results are calculated based on 
Eq. (1.80) with X = 0.1 and f d = f r . (b) Debye type. The results are calculated based on Eq. (1.81) with / a = f T /k 
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The Debye type occurs when X is much larger 
than one. The Debye type is also called relaxation 
type. From Eq. (1.77), we can get 



Mr — 1 + 



A 

l+W//r) 



(1.81) 



Figure 1.25(b) shows a typical permeability spec- 
trum of Debye type. 

The Snoek limit describes the relationship 
between the resonant frequency and permeability. 
For a material with uniaxial anisotropy, we have 




z 



Figure 1.26 Mechanism of wall resonance 



/r • (Mr - 1) = ^VM S (1.82) 

where M s is the saturated magnetization. For 
a material with a given resonance frequency, 
higher saturated magnetization corresponds to 
higher permeability. For a material with planar 
anisotropy, the Snoek limit is in the form of 

1 (H g \ 1/2 

fr • (Mr - 1) = ^yM s ■ (1.83) 

Eq. (1.83) indicates that planar anisotropy provides 
more flexibility for the design of materials with 
expected resonant frequency and permeability. 



Wall resonance 

If a dc magnetic field H is applied to a magnetic 
material, the domains in the directions close to 
the direction of the magnetic field grow, while 
the domains in the directions close to the opposite 
directions of the magnetic field shrink. The growth 
and shrink of domains are actually the movements 
of the domain wall. If an ac magnetic field h 
is applied, the domain wall will vibrate around 
its equilibrium position, as shown in Figure 1.26. 
When the frequency of the ac magnetic field 
is equal to the frequency of the wall vibration, 
resonance occurs, and such a resonance is usually 
called wall resonance. Rado proposed a relationship 
between the resonance frequency /o and relative 
permeability p. t (Rado 1953): 

/2<5\ 1/2 

fr ■ (Mr — l) 1 ^ 2 =2yM s ■ ( ^ J (1-84) 



where 8 and D are the thickness and the width of 
the domain wall respectively. M s is the magneti- 
zation within a domain and it equals the saturated 
magnetization of the material. 

The movement of domain wall is similar to a 
forced harmonic movement. So the wall resonance 
can be described using spring equation: 

d 2 Z dZ • , 

m w — + p— + aZ = 2 MJie> C0 ‘ (1.85) 
at 1 df 

where m w is the effective mass of the domain 
wall, p is the damping coefficient, a is the 
elastic coefficient, and h is the amplitude of the 
microwave magnetic field. For a Forentzian-type 
resonance, we have 



Mr — 1 + 



A 

1 - U/U) 2 + j(///r) 



( 1 . 86 ) 



where the intrinsic vibration frequency /jg is 
given by 



fp = ( a/m w ) 1/2 (1.87) 



and the relaxation frequency f T is given by 



fr = a/P 



(1.88) 



For most of the wall resonance, /jg 5>> f T , 
Eq. (1.86) becomes 



Mr — 1 + 



l+j(///r) 

Eq. (1.89) represents a Debye-type resonance. 



(1.89) 



1.3.5 Metamaterials 

Electromagnetic metamaterials are artificial struc- 
tures with unique or superior electromagnetic prop- 
erties. The special properties of metamaterials 
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come from the inclusion of artificially fabricated, 
extrinsic, low-dimensional inhomogeneities. The 
development of metamaterials includes the design 
of unit cells that have dimensions commensurate 
with small-scale physics and the assembly of the 
unit cells into bulk materials exhibiting desired 
electromagnetic properties. In recent years, the 
research on electromagnetic metamaterials is very 
active for their applications in developing func- 
tional electromagnetic materials. In the following, 
we discuss three examples of metamaterials: chi- 
ral materials, left-handed materials, and photonic 
band-gap materials. 

1.3. 5.1 Chiral materials 

Chiral materials have received considerable atten- 
tion during recent years (Jaggard et al. 1979; Mar- 
iotte et al. 1995; Theron and Cloete 1996; Hui and 
Edward 1996) and might have a variety of poten- 
tial applications in the field of microwaves, such 
as microwave absorbers, microwave antennae, and 
devices (Varadan et al. 1987; Lindell and Sihvola 
1995). (Lakhtakia et al. 1989) has given a fairly 
complete set of references on the subject. (Bokut 
and Federov 1960; Jaggard et al. 1979; Silver- 
man 1986; Lakhtakia et al. 1986) have studied the 
reflection and refraction of plane waves at planar 
interfaces involving chiral media. The possibil- 
ity of designing broadband antireflection coatings 
with chiral materials was addressed by (Varadan 
et al. 1987). These researchers have shown that the 
introduction of chirality radically alters in scatter- 
ing and absorption characteristics. In these papers, 
the authors have used assumed values of chirality 
parameter, permittivity, and permeability in their 
numerical results. 

(Winkler 1956; Tinoco and Freeman 1960) have 
studied the rotation and absorption of electro- 
magnetic waves in dielectric materials contain- 
ing a distribution of large helices. Direct and 
quantitative measurements are made possible with 
the recent advances in microwave components 
and measurement techniques. Urry and Krivacic 
(1970) have measured the complex, frequency 
dependent values of («l — n r ) for suspensions of 
optically active molecules, where « L and « R are 
the refractive indices for left- circularly polarized 



(LCP) and right- circularly polarized (RCP) waves. 
LCP and RCP waves propagate with different 
velocities and attenuation in a chiral medium. 
Still, these differential measurements are unable to 
characterize completely the chiral medium. More 
recently, (Guire et al. 1990) has studied experi- 
mentally the normal incidence reflection of lin- 
early polarized waves of metal-backed chiral com- 
posite samples at microwave frequencies. The 
beginning of a systematic experiment work came 
from (Umari et al. 1991) when they reported mea- 
surements of axial ratio, dichroism, and rotation 
of microwaves transmitted through chiral samples. 
However, in order to characterize completely the 
chiral composites, the chirality parameter, permit- 
tivity, and permeability have to be determined. 

The chirality parameter, permittivity, and perme- 
ability can be determined from inversion of three 
measured scattering parameters. The new chirality 
parameter can be obtained only with the substi- 
tution of new sets of constitutive equations (Ro 



1991; Sun et al. 1998), 

D — sE + /6eV x E and (1.90) 
B — pH + yfi/rV x H , or (1.91) 
D — sE + and (1.92) 

H =i%E+B/n. (1.93) 



Here, e and /i are the usual permittivity and perme- 
ability respectively, while f and £ are the chirality 
parameter that results from the handedness or lack 
of inversion symmetry in the microstructure of the 
medium. The values of chirality parameter, per- 
mittivity, and permeability vary with frequency, 
volume concentration of the inclusions, geometry 
and size of the inclusion, and the electromagnetic 
properties of the host medium. Further discussion 
on chiral materials can be found in Chapter 10. 

1.3. 5. 2 Left-handed materials 

A left-handed material is a material whose perme- 
ability and permittivity are simultaneously negative. 
It should be noted that the term "left handed” does 
not refer to either chirality or symmetry breaking. 
These other phenomena are often referred to as “left 
handed”, but are distinct from the effects that we are 
discussing in left-handed materials. 
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All the normal materials are "right handed”, 
which means that the relationship between the fields 
and the direction of wave vector follows the “right- 
hand rule”. If the fingers of the right hand represent 
the electric field of the wave, and if the fingers curl 
around to the base of the right hand, representing 
the magnetic field, then the outstretched thumb indi- 
cates the direction of the flow of the wave energy. 
However, for a left-handed material, the relationship 
between the fields and the direction of wave vector 
follows the “left-hand rule”. 

Left-handed materials were first envisioned in 
the 1960s by Russian physicist Victor Veselago of 
the Lebedev Physics Institute. He predicted that 
when light passed through a material with both 
a negative dielectric permittivity and a negative 
magnetic permeability, novel optical phenomena 
would occur, including reversed Cherenkov radi- 
ation, reversed Doppler shift, and reversed Snell 
effect. Cherenkov radiation is the light emitted 
when a charged particle passes through a medium, 
under certain conditions. In a normal material, the 
emitted light is in the forward direction, while in a 
left-handed material, light is emitted in a reversed 
direction. In a left-handed material, light waves are 
expected to exhibit a reversed Doppler effect. The 
light from a source coming toward you would be 
reddened while the light from a receding source 
would be blue shifted. 

The Snell effect would also be reversed at the 
interface between a left-handed material and a 
noimal material. For example, light that enters a 
left-handed material from a normal material will 
undergo refraction, but opposite to what is usually 
observed. The apparent reversal comes about 
because a left-handed material has a negative index 
of refraction. Using a negative refractive index 
in Snell’s law provides the correct description of 
refraction at the interface between left- and right- 
handed materials. As a further consequence of the 
negative index of refraction, lenses made from left- 
handed materials will produce unusual optics. As 
shown in Figure 1.27, a flat plate of left-handed 
material can focus radiation from a point source 
back to a point. Furthermore, the plate can amplify 
the evanescent waves from the source and thus 
the sub-wavelength details of the source can be 
restored at the image (Pendry 2000; Rao and Ong 





Figure 1.27 Effects of flat plates, (a) Flat plate made 
from a normal material and (b) flat plate made from a 
left-handed material 

2003a, 2003b). Therefore, such a plate can work 
as a superlens. 

Left-handed materials do not exist naturally. In 
Veselago’ s day, no actual left-handed materials 
were known. In the 1990s, John Pendry of Imperial 
College discussed how negative-permittivity mate- 
rials could be built from rows of wires (Pendry 
et al. 1996) and negative-permeability materials 
from arrays of tiny resonant rings (Pendry et al. 
1999). In 2000, David Smith and his colleagues 
constructed an actual material with both a neg- 
ative permittivity and a negative permeability at 
microwave frequencies (Smith et al. 2000). An 
example of a left-handed material is shown in 
Figure 1.28. The raw materials used, copper wires 
and copper rings, do not have unusual properties of 
their own and indeed are nonmagnetic. But when 




Figure 1.28 A left-handed material made from wires 
and rings. This picture is obtained from the homepage 
for Dr David R. Smith (http://physics.ucsd.edu/~drs/ 
index.html) 
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incoming microwaves fall upon alternating rows of 
the rings and wires, a resonant reaction between 
the light and the whole of the ring-and-wire array 
sets up tiny induced currents, making the whole 
structure “left handed”. The dimensions, geomet- 
ric details, and relative positioning of the wires 
and the rings strongly influence the properties of 
the left-handed material. 

However, the surprising optical properties of 
left-handed materials have been thrown into doubt 
by physicists. Some researchers said that the claims 
that left-handed materials could act as perfect 
lenses violate the principle of energy conserva- 
tion (Garcia and Nieto- Vesperinas 2002). Mean- 
while, some researchers indicated that “negative 
refraction” in left-handed materials would breach 
the fundamental limit of the speed of light (Valanju 
et al. 2002). But other researchers in the field 
defended their claims on left-handed materials. 
The debate should generate some light, and stim- 
ulate better experiments, which would benefit the 
understanding and utilization of this type of meta- 
materials. If the negative refraction and perfect 
lensing of left-handed materials can be proven, 
left-handed materials could have a wide range of 
applications including high-density data storage 
and high-resolution optical lithography in the semi- 
conductor industry. 

Finally, it should be indicated that many research- 
ers in this field object to the term “left handed,” 



which often refers to the structures exhibiting chi- 
rality. New descriptive terms have been introduced 
to refer to materials with simultaneously nega- 
tive permittivity and permeability. “Backward wave 
materials” is used to signify the characteristic that 
materials with negative permittivity and permeabil- 
ity reverse the phase and group velocities. “Materi- 
als with negative refractive index” emphasizes the 
reversed Snell effect. And “double negative materi- 
als” is a quick and easy way to indicate that both 
the permittivity and permeability of the material 
are negative. 

1.3. 5. 3 Photonic band-gap materials 

A photonic band-gap (PBG) material, also called 
photonic crystal, is a material structure whose 
refraction index varies periodically in space. The 
periodicity of the refraction index may be in one 
dimension, two dimensions, or three dimensions. 
The name is applied since the electromagnetic 
waves with certain wavelengths cannot propagate 
in such a structure. The general properties of a 
PBG structure are usually described by the rela- 
tionship between circular frequency and wave vec- 
tor, usually called wave dispersion. The wave dis- 
persion in a PBG structure is analogous to the 
band dispersion (electron energy versus wave vec- 
tor) of electrons in a semiconductor. Figure 1.29(a) 
schematically shows a three-dimensional PBG 
structure, which is an array of dielectric spheres 





Figure 1.29 A PBG structure formed by dielectric spheres arranged in a diamond lattice. The background is air. 
The refraction index of the spheres is 3.6 and the filling ratio of the spheres is 34 %. The frequency is given in unit 
of c/a, where a is the cubic constant of the diamond lattice and c is the velocity of light in vacuum, (a) Schematic 
illustration of the three-dimensional structure and (b) wave dispersion of the PBG structure. Theoretical results are 
from (Ho et al. 1990). Source: Ho, K. M., Chan, C. T., and Soukoulis, C. (1990). “Existence of a photonic gap in 
periodic dielectric structures”, Phys. Rev. Lett. 65(25), 3152-3155. © 2003 The American Physical Society 
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surrounded by vacuum. The photonic band of the 
structure is shown in Figure 1.29(b). 

The origin of the band gap stems from the very 
nature of wave propagation in periodic structures. 
When a wave propagates in a periodic structure, 
a series of refraction and reflection processes 
occur. The incident wave and the reflected wave 
interfere and may reinforce or cancel one another 
out according to their phase differences. If the 
wavelength of the incident wave is of the same 
scale as the period of the structure, very strong 
interference happens and perfect cancellation may 
be achieved. As a result, the wave is attenuated and 
cannot propagate through the periodic structure. 
In a broad sense, the electronic band gaps of 
semiconductors, where electron waves propagate 
in periodic electronic potentials, also fall into 
this category. Owing to the similarity of PBGs 
and the electronic band gaps, PBG materials 
for electromagnetic waves can be treated as 
semiconductors for photons. 

The first PBG phenomenon was observed by 
Yablonovitch and Gmitter in an artificial microstruc- 
ture at microwave frequency (Yablonovitch and 
Gmitter 1989). The microstructure was a dielectric 
material with about 8000 spherical air “atoms”. The 
air “atoms” were arranged in a face-centered-cubic 
(fee) lattice. Thereafter, many other structures and 
material combinations were designed and fabricated 
with superior PBG characteristics and greater man- 
ufacturability. 

PBG materials are of great technological and theo- 
retical importance because their stop-band and pass- 
band frequency characteristics can be used to mold 
the flow of electromagnetic waves (Joannopoulos 
etal. 1995). Extensive applications have been 
achieved using the concept of PBG in various fields, 
especially in optoelectronics and optical communi- 
cation systems. The PBG is the basis of most appli- 
cations of PBG materials, and it is characterized by 
a strong reflection of electromagnetic waves over a 
certain frequency range and high transmission out- 
side this range. The center frequency, depth, and 
width of the band gap can be tailored by modify- 
ing the geometry and arrangement of units and the 
intrinsic properties of the constituent materials. 

It should be noted that PBG structures also exist 
in the nature. The sparking gem opal, colorful 



wings of butterflies, and the hairs of a wormlike 
creature called the sea mouse have typical PBG 
structures, and their lattice spacing is exactly 
right to diffract visible light. It should also be 
noted that, although “photonic” refers to light, 
the principle of the band gap applies to all the 
waves in a similar way, no matter whether they are 
electromagnetic or elastic, transverse or longitude, 
vector or scalar (Brillouin 1953). 

1.3.6 Other descriptions of electromagnetic 
materials 

Besides the microscopic and macroscopic param- 
eters discussed above, in materials research and 
engineering, some other macroscopic properties 
are often used to describe materials. 

1.3. 6.1 Linear and nonlinear materials 

Linear materials respond linearly with externally 
applied electric and magnetic fields. In weak 
field ranges, most of the materials show linear 
responses to applied fields. In the characterization 
of materials’ electromagnetic properties, usually 
weak fields are used, and we assume that the 
materials under study are linear and that the 
applied electric and magnetic fields do not affect 
the properties of the materials under test. 

However, some materials easily show nonlinear 
properties. One typical type of nonlinear material is 
ferrite. As discussed earlier, owing to the nonlinear 
relationship between B and H, if different strength 
of magnetic field H is applied, different value 
of permeability can be obtained. High-temperature 
superconducting thin films also easily show non- 
linear properties. In the characterization of HTS 
thin films and the development microwave devices 
using HTS thin films, it should be kept in mind 
that the surface impedance of HTS thin films are 
dependent on the microwave power. 

1.3. 6. 2 Isotropic and anisotropic materials 

The macroscopic properties of an isotropic mate- 
rial are the same in all orientations, so they can be 
represented by scalars or complex numbers. How- 
ever, the macroscopic properties of an anisotropic 
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material have orientation dependency, and they are 
usually represented by tensors or matrixes. Some 
crystals are anisotropic because of their crystalline 
structures. More discussion on anisotropic materi- 
als can be found in Chapter 8, and further discus- 
sion on this topic can be found in (Kong 1990). 

1.3.6. 3 Monolithic and composite materials 

According to the number of constituents, materi- 
als can be classified into monolithic or composite 
materials. A monolithic material has a single con- 
stituent. While a composite material has several 
constituents, and usually one of the constituents is 
called host medium, the others are called inclusions 
or fillers. The properties of a composite material 
are related to the properties and fractions of the 
constituents, so the electromagnetic properties of 
composites can be tailored by varying the proper- 
ties and fractions of the constituents. The study of 
the electromagnetic properties of composite mate- 
rials has attracted much attention, with the aim of 
developing composites with expected electromag- 
netic properties. 

The prediction of the properties of a composite 
from those of the constituents of the composite 
is a long-standing problem for theoretical and 
experimental physics. The mixing laws relating 
the macroscopic electromagnetic properties of 
composite materials to those of their individual 
constituents have been a subject of enquiry since 
the end of the nineteenth century. The ability to 
treat a composite with single effective permittivity 
and effective permeability is essential to work 
in many fields, for example, remote sensing, 
industrial and medical applications of microwaves, 
materials science, and electrical engineering. 

The mean-field method and effective-medium 
method are two traditional approaches in predict- 
ing the properties of composite materials (Banhegyi 
1994). In the mean-field method, we calculate the 
upper and lower limits of properties represent- 
ing the parallel and perpendicular arrangements of 
the constituents. A practical method is to approxi- 
mate the composite structure by elements of ellip- 
soidal shape, and various techniques are avail- 
able to calculate the composite permittivity. For 
isotropic composites, closer limits can be calculated 
and, depending on morphological knowledge, more 



sophisticated limits are possible. In an effective- 
medium method, we assume the presence of an 
imaginary effective medium, whose properties are 
calculated using general physical principles, such as 
average fields, potential continuity, average polariz- 
ability, and so on. Detailed discussion on effective- 
medium theory can be found in (Choy 1999). 

To achieve more accurate prediction, numerical 
methods are often used in predicting the properties 
of composite materials. Numerical computation of 
the effective dielectric constant of discrete random 
media is important for practical applications such 
as geophysical exploration, artificial dielectrics, 
and so on. In such dielectrics, a propagating 
electromagnetic wave undergoes dispersion and 
absorption. Some materials are naturally absorptive 
owing to viscosity, whereas inhomogeneous media 
exhibit absorption due to geometric dispersion or 
multiple scattering. The scattering characteristics 
of the individual particles (or the inclusions) in 
the composite could be described by a transition 
or T-matrix and the frequency-dependent dielectric 
properties of the composite are calculated using 
multiple scattering theory and appropriate correla- 
tion functions between the particles (Varadan and 
Varadan 1979; Bringi et al. 1983; Varadan etal. 
1984; Varadan and Varadan 1985). 

More discussions on monolithic and compos- 
ite materials can be found in (Sihvola 1999; Nee- 
lakanta 1995; Priou 1992; Van Beek 1967). In 
the following, we concentrate on the dielec- 
tric permittivity of composite materials, and we 
mainly discuss dielectric -dielectric composites and 
dielectric-conductor composites. 

Dielectric -dielectric composites 

The host media of composite materials are usually 
dielectric materials, and if the inclusions are also 
dielectric materials, such composites are called 
dielectric-dielectric composites. The shapes and 
structures of the inclusions affect the overall 
properties of the composites. 

A composite with spherical inclusions is the sim- 
plest and a very important case. Consider a mixture 
with a host medium of permittivity Sa containing 
n inclusions in unit volume, with each of the 
inclusions having polarizability a. The permittivity 
So of the host medium can take any value, 
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including complex ones. The effective permittivity 
£ e ff of a composite is defined as the ratio between 
the average electric displacement D and the 
average electric field E: D — s c r\E . The electric 
displacement D depends on the polarization P in 
the material, D — b q E +P, and the polarization 
can be calculated from the dipole moments p of the 
n inclusions, P — np . This treatment assumes that 
the dipole moments are the same for all inclusions. 
If the inclusions are of different polarizabilities, the 
polarization has to be summed by weighting each 
dipole moment with its number density, and the 
overall polarization thus consists of a sum or an 
integral over all the individual inclusions. 

The dipole moment p depends on the polariz- 
ability and the exciting field £ e : p = ctE e . For 
spherical inclusions, the exciting field E e is : E e — 
E + P /(3eo). From the above equations, the effec- 
tive permittivity can be calculated as a function of 
the dipole moment density nor. 

not 

£eff = £o + 3fio- (1.94) 

3eo — na 

Equation (1.94) can also be written in the form of 
the Clausius-Mossotti formulas 



£eff — £o >ia 

£eff + 2^0 3£q 



(1.95) 



If the composite contains inclusions with different 
polarization, for example N types of spheres 
with different permittivities, Eq. (1.95) should 
be modified into (Sihvola 1989a; Sihvola and 
Lindell 1989b): 



N 

£eff — £o V - '' n jOtj 

£ e ff + 2fio " 3 £o 

1= 1 



(1.96) 



Let the permittivity of the background medium 
be £q, that of the inclusions be £i, and the volume 
fraction of the inclusions be f \ . The polarizability 
of this kind of inclusions depends on the ratio 
between the inside and the outside fields when 
the inclusions are in a static field. According to 
Sihvola( 1989a) and Sihvola and Lindell (1989b), 
the polarizability of a spherical inclusion with 
radius a\ is 



a — 47ts 0 a ^— - — — ^ — (1.97) 

£i + 2 sq 



So the effective permittivity of this mixture is 

£ e ff — £0 „ £1 — £n 

° =fi- L nr- tt-98) 

£ e ff + 2 fio £i + Z£q 

This formula is known as the Rayleigh’s formula. 

The success of a mixture formula for a compos- 
ite relies on the accuracy in the modeling of its 
real microstructure details. Besides the Rayleigh’s 
formula, several other formulas have been derived 
using different approximations of the microstruc- 
tural details of the composite. Several other pop- 
ular formulas for the effective permittivity £ eff of 
two-phase nonpolar dielectric mixtures with host 
medium of permittivity So and spherical inclusion 
of permittivity £i with volume fraction f\ are listed 
in the following: 

Looyenga’s formula: 

i l l 

4 = m 5 + a - (i.99) 

Beer’s formula: 

II I 

£eff=/W+( l-/i)£<? (1.100) 

Lichtenecher’s formula: 

In £ ef f = /iln£i + (1 - f \ ) In £ 0 (1.101) 

In the above formulas (1.98-1.101), the interpar- 
ticle actions between the inclusions are neglected. 
The above formulas can be extended to multiphase 
composites, but they are not applicable to compos- 
ites with layered inclusions, because they ignore 
the interactions between the different layers in an 
inclusion. The properties of composites with lay- 
ered spherical inclusions are discussed in (Sihvola 
and Lindell 1989b). 

Dielectric-conductor composites 

In a dielectric-conductor composite, the host me- 
dium is a dielectric material, while the inclusions are 
conductors. Such composite materials have exten- 
sive electrical and electromagnetic applications, 
such as antistatic materials, electromagnetic shields, 
and radar absorbers. Here we do not consider the 
frequency dependence of the electromagnetic prop- 
erties of dielectric-conductor composites, and only 
consider the static limit (co -* 0). Discussions on 
the frequency dependence of the properties of such 
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Figure 1.30 Percolation in a dielectric-conductor composite, (a) Change of static permittivity near the percolation 
threshold, (b) the case when the volume concentration of the fillers is less than the percolation threshold (Vp), and 
(c) the case when the volume concentration of the fillers is close to the percolation threshold (Vp). In (b) and (c), 
circle denotes inclusions, otherwise the host medium 



composites can be found in (Potschke et al. 2003) 
and the references given therein. 

For a dielectric-conductor composite, there 
exists a phenomenon called percolation. When the 
volume concentration of the conductive inclusions 
approaches the percolation threshold, the dielectric 
composite becomes conductive. One can observe 
a significant change in permittivity of the com- 
posites filled with conductive inclusions when it 
percolates. As shown in Figure 1.30(a), near the 
percolation threshold, the real part of permittiv- 
ity of the composite increases quickly along with 
the increase of the volume concentration of the 
conductive inclusions and reaches its maximum 
value at the percolation threshold; while the imag- 
inary part of permittivity monotonically increases 
with the increase of the volume concentration of 
the conductive inclusions. The origin of percola- 
tion phenomenon is the connection of the con- 
ductive inclusions. Figures 1.30(b) and (c) show 
distributions of the conductive inclusions in the 



host medium when the volume concentration of the 
inclusions is less than and close to the percolation 
threshold respectively. 

The location of the percolation threshold and 
the concentration dependence of permittivity and 
conductivity around the threshold depend on 
the properties of the host medium, conductive 
inclusions, and the morphology of the composite. 
Because of the rich physics phenomena near 
the percolation threshold, in percolation research, 
constructing models of permittivity or conductivity 
near the percolation threshold is of great theoretical 
importance and application meaning. 

It should be emphasized that the geometry of 
the inclusions plays an important role in deter- 
mining the percolation threshold and the electro- 
magnetic properties of a dielectric-conductor com- 
posite. The general geometry of an inclusion is 
elliptic sphere, which, at special conditions, can 
be disk, sphere, and needle. In recent years, com- 
posites with fiber inclusions have attracted great 
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attentions (Lagarkov el al. 1998). Fiber can be 
taken as a very thin and long needle. The mechan- 
ical and electrical performance of polymer mate- 
rials may be greatly improved by adding carbon 
or metal fibers, and the resulted fiber-reinforced 
composites have a wide range of practical applica- 
tions due to their unique mechanical, chemical, and 
physical properties. Fiber-filled composites present 
more possibilities of tailoring the dielectric prop- 
erties. For example, high values of dielectric con- 
stant can be obtained at a low concentration of 
fiber inclusions, and composites filled with metal 
fibers possess pronounced microwave dielectric 
dispersion, which are very important for the devel- 
opment microwave absorbing materials. 

Finally, it should be indicated that percolation 
phenomena also exists in many other systems, 
for example, the superconductivity of metal- 
superconductor composites and leakage of fluids 
through porous media. 

1.4 INTRINSIC PROPERTIES 
AND EXTRINSIC PERFORMANCES 
OF MATERIALS 

The properties of materials can be generally clas- 
sified into two categories: intrinsic and extrinsic. 
Intrinsic properties of a material are independent 
of the size of the material. If the electromagnetic 
properties of a material are related to the geo- 
metrical structures and sizes, such properties are 
extrinsic. 

1.4.1 Intrinsic properties 

Most of the electromagnetic properties discussed 
above in this chapter are intrinsic, as they are gov- 
erned by their respective underlying mechanisms, 
not by their geometries. This book concentrates on 
the characterization of intrinsic properties of mate- 
rials. Here, we make a brief summary of the intrin- 
sic properties of materials often studied in physics, 
materials sciences, and microwave electronics. 

The parameters describing the intrinsic electro- 
magnetic properties of materials generally include 
constitutive parameters, propagation parameters, 
and electrical transport properties. The constitutive 
parameter for low-conductivity materials mainly 



includes permittivity, permeability, conductivity, 
and chirality. Electromagnetic waves can propa- 
gate within low-conductivity materials, and the 
propagation parameters for low-conductivity mate- 
rials mainly include wave impedance, propaga- 
tion constant, and index of refraction. For con- 
ductors and superconductors, the main propagation 
parameters are skin depth and surface impedance. 
For semiconductors, the intrinsic properties are 
usually described by their electrical transport prop- 
erties, including Hall mobility, conductivity, and 
carrier density. 

1.4.2 Extrinsic performances 

As the performances of electromagnetic materi- 
als and structures depend on their geometries, the 
performance-related properties are usually extrin- 
sic. The design of functional materials and struc- 
tures is to realize the desired extrinsic perfor- 
mances based on the intrinsic properties of the 
raw materials to be used. The performance-related 
properties could be monitored along the manufac- 
turing procedures to ensure that the final products 
have the specified extrinsic performances. 

There are varieties of extrinsic performances, 
and it is difficult to make a systematic classifica- 
tion. In the following, we discuss the characteristic 
impedance of a transmission line, the reflectivity of 
a Dallenbach layer, and the resonance of a dielec- 
tric resonator. 

1.4.2. 1 Characteristic impedance of a 
transmission line 

The characteristic impedance of a transmission 
line should be taken into serious consideration 
in the design of high-speed circuits. Figure 1.31 




Figure 1.31 Impedance discontinuities in a transmis- 
sion line. The solid arrows represent the transmission 
signals and the dashed arrows represent the reflec- 
tion signals 
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shows a transmission line connected to a source, 
and how the voltage and current signals from 
the source interact with the transmission line as 
they propagate along the transmission line. If the 
characteristic impedance of the transmission line 
changes, either by a geometry change or a material 
change, some of the signals will be reflected. At the 
interface between two segments of transmission 
lines with characteristic impedances Z\ and Z 2 
respectively, the reflectivity is given by 



^reflected Z 2 Z i 

^incident Z 2 ± Z | 



( 1 . 102 ) 



At each interface, there will be a series of 
reflections. Therefore, the impedance discontinu- 
ities distort signal, decrease the signal integrity, 
increase standing waves, increase rise-time degra- 
dation, and require longer setting time. The way 
to solving these problems is to use the same char- 
acteristic impedance throughout the transmission 
line, including traces and connectors. By consider- 
ing manufacturability, cost, noise sensitivity, and 
power dissipation, the optimum Zq value for most 
systems is in the range of 50 to 80 
Microstrip is the most widely used transmis- 
sion line in microwave electronics. As shown 
in Figure 1.32, the structural parameters of a 
microstrip line are the width W of the microstrip 
and the thickness d of the dielectric substrate. The 
characteristic impedance of a microstrip depends 
on the dielectric constant of the substrate and 
the structural parameters. For a thin substrate 
case (d/W < 1), the characteristic impedance of 
a microstrip line is given by (Pozar 1998): 



120tt 

jr e [W/ d+ 1.393 + 0.667 
ln(W/d± 1.444)] 



(1.103) 




where the effective dielectric constant s e is 
given by 



f-' r ± I i e r — 1 1 

2 + 2 fl + Ud/W 



(1.104) 



If we want to fabricate a microstrip transmis- 
sion line of 50 £2 from a substrate with dielec- 
tric thickness of 5 mils and dielectric constant 
of 5, the line width should be around 9 mils. If 
the line width varies by ± 1 mil, the characteris- 
tic impedance would vary by about ±10%. If the 
dielectric constant varies by ±10%, the character- 
istic impedance would vary by about ±5 %. There- 
fore, the line width is more sensitive to the char- 
acteristic impedance than the dielectric constant of 
the substrate. More discussions on microstrip line 
and other types of transmission lines will be made 
in Chapter 2. 



1.4. 2. 2 Reflectivity of a Dallenbach layer 

As shown in Figure 1.33, a Dallenbach layer is 
a homogeneous layer backed by a metal plate 
and the dissipation of microwave energy is made 
throughout the layer (Knott et al. 1993). The 
reflectivity of a Dallenbach layer is dependent on 
its thickness, and it is a typical example of extrinsic 
performance. In the design of a Dallenbach layer, 
we should consider the interferences between 
the reflections at different interfaces. When a 
microwave signal is incident to the layer, part 
of the signal is reflected at the interface between 
the free space and the material layer, and this 
part of signal is called the first reflection. Part 




Figure 1.33 The structure and working principle of a 
Dallenbach layer 
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Figure 1.34 Configuration of a cylindrical dielec- 
tric resonator 

of signal propagates into the material layer, and 
this part of signal is reflected at the interface 
between the material layer and the metal plate, 
and part of the signal, called the second reflection , 
comes out of the layer again. If the first reflection 
and second reflection have the same amplitude 
but are in opposite phase, they cancel each other, 
and so no actual reflection occurs. To ensure this 
cancellation, the thickness of the layer should be 
the quarter wavelength of the microwave signal in 
the material layer, and the layer should have proper 
impedance and loss factor. 

1.4.2. 3 Resonance of a dielectric resonator 

The resonance of a dielectric resonator is another 
example of extrinsic performance. Figure 1.34 
shows an isolated cylindrical dielectric resonator, 
with diameter D and length L. The resonant prop- 
erties, including the resonant frequency and quality 
factor, of the dielectric resonator are determined by 
the dielectric permittivity of the dielectric materials 
and the geometrical parameters including diameter 
D and length L. More discussion on the resonant 
properties of dielectric resonators can be found in 
Chapter 2. 
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Microwave Theory and Techniques for 
Materials Characterization 



This chapter discusses the basic microwave theory 
and techniques for the characterization of elec- 
tromagnetic materials. The methods for materials 
properties characterization generally fall into non- 
resonant methods and resonant methods; and, cor- 
respondingly, we mainly discuss two microwave 
phenomena: microwave propagation based on 
which the nonresonant methods are developed and 
microwave resonance based on which the resonant 
methods are developed. In our discussion, both the 
field approach and the line approach are used in 
analyzing electromagnetic structures. In the final 
part of this chapter, we introduce the concept of 
microwave network and discuss the experimental 
techniques for characterizing propagation and res- 
onance networks. 



2.1 OVERVIEW OF THE MICROWAVE 
METHODS FOR THE CHARACTERIZATION 
OF ELECTROMAGNETIC MATERIALS 

There have been many extensive review papers 
(Afsar et al. 1986; Baker-Jarvis et al. 1993; Guil- 
lon 1995; Krupka and Weil 1998; Weil 1995; 
Zaki and Wang 1995) on the microwave methods 
for materials property characterization, and there 
are also several monographs on special measure- 
ment methods and for special purposes (Musil and 
Zacek 1986; Nyfors and Vainikainen 1989; Zoughi 
2000). In this section, we focus on the basic prin- 
ciples for the measurement of the permittivity and 
permeability of low conductivity materials and the 



surface impedance of high-conductivity materials. 
We do not discuss the detailed structures of fix- 
tures and detailed algorithms for the calculation 
of materials properties, which will be discussed 
in Chapters 3 to 8. The characterization of chi- 
ral materials will be discussed in Chapter 10 and 
the measurement of microwave electrical transport 
properties will be discussed in Chapter 1 1 . 

The microwave methods for materials charac- 
terization generally fall into nonresonant methods 
and resonant methods. Nonresonant methods are 
often used to get a general knowledge of electro- 
magnetic properties over a frequency range, while 
resonant methods are used to get accurate knowl- 
edge of dielectric properties at single frequency or 
several discrete frequencies. Nonresonant methods 
and resonant methods are often used in combi- 
nation. By modifying the general knowledge of 
materials properties over a certain frequency range 
obtained from nonresonant methods with the accu- 
rate knowledge of materials properties at several 
discrete frequencies obtained from resonant meth- 
ods, accurate knowledge of materials properties 
over a frequency range can be obtained. 

In the following, we discuss the working princi- 
ples of various measurement methods. It should be 
noted that the examples given below are used only 
to illustrate the basic configurations of the mea- 
surement methods, and they are not necessarily the 
configurations with highest accuracy and sensitivi- 
ties. As will be discussed in later chapters, there are 
many practical considerations in the development 
of actual measurement methods. 
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Figure 2.1 Boundary condition for material character- 
ization using a nonresonant method 

2.1.1 Nonresonant methods 

In nonresonant methods, the properties of materials 
are fundamentally deduced from their impedance 
and the wave velocities in the materials. As shown 
in Figure 2. 1 , when an electromagnetic wave prop- 
agates from one material to another (from free 
space to sample), both the characteristic wave 
impedance and the wave velocity change, result- 
ing in a partial reflection of the electromagnetic 
wave from the interface between the two materials. 
Measurements of the reflection from such an inter- 
face and the transmission through the interface can 
provide information for the deduction of permittiv- 
ity and permeability relationships between the two 
materials. 

Nonresonant methods mainly include reflection 
methods and transmission/reflection methods. In 
a reflection method, the materials properties are 
calculated on the basis of the reflection from the 
sample, and in a transmission/reflection method, 
the material properties are calculated on the 
basis of the reflection from the sample and the 
transmission through the sample. 

Nonresonant methods require a means of direct- 
ing the electromagnetic energy toward a material, 
and then collecting what is reflected from the mate- 
rial, and/or what is transmitted through the mate- 
rial. In principle, all types of transmission lines can 
be used to carry the wave for nonresonant methods, 
such as coaxial line, hollow metallic waveguide, 
dielectric waveguide, planar transmission line, and 
free space. In this section, we use hollow metallic 
waveguide or coaxial line as examples. 



2. 1.1.1 Reflection methods 

In reflection methods, electromagnetic waves are 
directed to a sample under study, and the properties 
of the material sample are deduced from the 
reflection coefficient at a defined reference plane. 
Usually, a reflection method can only measure one 
parameter, either permittivity or permeability. 

Two types of reflections are often used in 
materials property characterization: open-circuit 
reflection and short-circuit reflection, and the 
corresponding methods are called open-reflection 
method and shorted reflection method. As coax- 
ial lines can cover broad frequency bands, coax- 
ial lines are often used in developing measure- 
ment fixtures for reflection methods. Detailed dis- 
cussions on reflection methods can be found in 
Chapter 3. 

Open-reflection method 

Figure 2.2 shows the basic measurement config- 
uration of an open - reflection method. In actual 
applications, the outer conductor at the open end 
is usually fabricated into a flange to provide suit- 
able capacitance and ensure the repeatability of 
sample loading (Li and Chen 1995; Stuchly and 
Stuchy 1980), and the measurement fixture is 
usually called the coaxial dielectric probe. This 
method assumes that materials under measurement 
are nonmagnetic, and that interactions of the elec- 
tromagnetic field with the noncontacting bound- 
aries of the sample are not sensed by the probe. 
To satisfy the second assumption, the thickness of 




Figure 2.2 Coaxial open-circuit reflection 
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Figure 2.3 Coaxial short-circuit reflection 



the sample should be much larger than the diame- 
ter of the aperture of the open-ended coaxial line, 
and, meanwhile, the material should have enough 
loss. 



Shorted reflection method 

Figure 2.3 shows a coaxial short-circuit reflection. 
In this method, the sample under study is usually 
electrically short, and this method is often used 
to measure magnetic permeability (Guillon 1995; 
Fannis et al. 1995). In this method, the permittivity 
of the sample is not sensitive to the measurement 
results, and in the calculation of permeability, the 
permittivity is often assumed to be e 0 . 

Reflection method for surface impedance 
measurement 

Besides their applications in the measurement of 
permittivity and permeability of low-conductivity 
materials, reflection methods are also used for the 
measurement of the surface impedance of high- 
conductivity materials. As shown in Figure 2.4, 
the high-conductivity material under study contacts 
the open end of a coaxial line. Microwave 
radiation can propagate into some extent of the 
high-conductivity material. The complex surface 
impedance of the sample can be extracted from the 
complex reflection coefficient. As the penetration 
depth of high-conductivity materials is small, 
microwave cannot go deep into the sample. This 
method does not require a very thick sample, but 
the thickness of the sample should be several 
times larger than the penetration depth. Because 
there are electrical currents flowing between the 
inner and the outer conductors of the coaxial 
line through the sample, this method requires 



ZZZZZZZZZZ2 

ZZZZZZZZZZ2 



High- 

conductivity 

material 



Figure 2.4 Reflection method for the measurement of 
surface impedance of high-conductivity materials 



that both the inner and the outer conductors 
of the open end of the coaxial line have good 
electrical contact with the sample. This method 
has been used for the measurement of the surface 
resistance of high-temperature superconducting 
thin films (Booth et al. 1994). 



2. 1.1. 2 Transmission/reflection methods 

In a transmission/reflection method, the material 
under test is inserted in a piece of transmission line, 
and the properties of the material are deduced on 
the basis of the reflection from the material and the 
transmission through the material. This method is 
widely used in the measurement of the permittiv- 
ity and permeability of low conductivity materials, 
and it can also be used in the measurement of 
the surface impedance of high-conductivity materi- 
als. Detailed discussions on transmission/reflection 
methods can be found in Chapter 4. 



Permittivity and permeability measurement 

Transmission/reflection method can measure both 
permittivity and permeability of low conductivity 
materials. Figure 2.5 shows the configuration of 
coaxial transmission/reflection method. The char- 
acteristic impedance of the piece of transmission 
line loaded with the sample is different from 
that of the transmission line without the sample, 
and such difference results in special transmis- 
sion and reflection properties at the interfaces. 
The permittivity and permeability of the sample 
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Figure 2.5 Coaxial transmission/reflection method 



are derived from the reflection and transmission 
coefficients of the sample-loaded cell (Weir 1974; 
Nicolson and Rose 1970). 



Surface impedance measurement 

Reflection/transmission method can also be used 
for the measurement of surface impedance of high- 
conductivity thin films. As shown in Figure 2.6, 
the thin film under study forms a quasi-short circuit 
in a waveguide transmission structure. From the 
ratio of the transmitted power to the incident 
power and the phase shift across the thin film, 
the surface impedance of the thin film can be 
deduced. However, this method is only suitable 
for thin films whose thickness is less than the 
penetration depth of the sample, and requires 
a measurement system with very high dynamic 
range. This method has been used to study the 
microwave surface impedance of superconducting 
extrathin films (Dew-Hughes 1997; Wu and Qian 
1997). 
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Figure 2.6 Transmission/reflection method for surface 
impedance measurements 



2.1.2 Resonant methods 

Resonant methods usually have higher accuracies 
and sensitivities than nonresonant methods, and 
they are most suitable for low-loss samples. 
Resonant methods generally include the resonator 
method and the resonant-perturbation method. 
The resonator method is based on the fact that 
the resonant frequency and quality factor of a 
dielectric resonator with given dimensions are 
determined by its permittivity and permeability. 
This method is usually used to measure low- 
loss dielectrics whose permeability is /i 0 . The 
resonant-perturbation method is based on resonant- 
perturbation theory. For a resonator with given 
electromagnetic boundaries, when part of the 
electromagnetic boundary condition is changed by 
introducing a sample, its resonant frequency and 
quality factor will also be changed. From the 
changes of the resonant frequency and quality 
factor, the properties of the sample can be derived. 



2. 1.2.1 Resonator method 

This method is often called dielectric resonator 
method. It can be used to measure the permittivity 
of dielectric materials and the surface resistance of 
conducting materials. More detailed discussions on 
the resonator method can be found in Chapter 5. 



Measurement of dielectric permittivity 

In a resonator method for dielectric property mea- 
surement, the dielectric sample under measurement 
serves as a resonator in the measurement circuit, 
and dielectric constant and loss tangent of the sam- 
ple are determined from its resonant frequency 
and quality factor (Kobayashi and Tanaka 1980). 
Figure 2.7 shows the configuration often used in 
the dielectric resonator method. In this config- 
uration, the sample is sandwiched between two 
conducting plates, and the resonant properties of 
this configuration are mainly determined by the 
properties of the dielectric cylinder and the two 
pieces of the conducting plates. In the measure- 
ment of the dielectric properties of the dielectric 
cylinder, we assume the properties of the conduct- 
ing plates are known. The TEon mode is often 
selected as the working mode, as this mode does 
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Figure 2.7 A dielectric cylinder sandwiched between 
two conducting plates 

not have a transverse electric field between the 
sample and the conducting plates. Therefore, a 
small gap between the sample and the plates does 
not greatly affect the measurement results. This 
method can be used to measure high dielectric 
constant (Cohn and Kelly 1966), low loss (Krupka 
et al. 1994), and anisotropic materials (Geyer and 
Krupka 1995). 

Surface resistance measurement 

The configuration shown in Figure 2.7 can also be 
used for the measurement of the surface resistance 
of conductors. If the dielectric properties of the 
dielectric cylinder are known, from the quality fac- 
tor of the whole resonant structure, we can calcu- 
late the surface resistance of the conducting plates. 

2. 1.2.2 Resonant-perturbation method 

When a sample is introduced into a resonator, 
the resonant frequency and quality factor of the 
resonator will be changed, and the electromagnetic 
properties of the sample can be derived from the 
changes of the resonant frequency and quality 
factor of the resonator. Generally speaking, there 
are three types of resonant perturbations: cavity 
shape perturbation, wall-loss perturbation, and 
material perturbation. Cavity shape perturbation is 
often used to adjust the resonant frequency of a 
cavity. In the wall-loss perturbation method, part 
of the cavity wall is replaced by the sample under 
study, and the resonant frequency and quality 



factor of the cavity are changed subsequently. The 
wall-loss perturbation method is usually used to 
measure the surface resistance of conductors. In 
the material perturbation method, the introduction 
of the material into a cavity causes changes in the 
resonant frequency and quality factor of the cavity. 
The material perturbation method is also called 
the cavity-perturbation method, and is suitable 
for measuring low-loss materials. More detailed 
discussions on resonant-perturbation methods can 
be found in Chapter 6. 

Permittivity and permeability measurement 

In the cavity perturbation method, the sample 
under study is introduced into an antinode of 
the electric field or magnetic field, depending 
on whether permittivity or permeability is being 
measured. As shown in Figure 2.8, if the sample 
under study is introduced into place A with 
maximum dielectric field and minimum magnetic 
field, the dielectric properties of the sample can 
be characterized; if the sample is inserted into 
place B with maximum electric field and minimum 
magnetic field, the magnetic properties of the 
sample can be characterized. 

Surface resistance measurement 

As shown in Figure 2.9, in this method, the end 
wall of a hollow metallic cavity is replaced by the 




Figure 2.8 Cylindrical cavity (TMoio mode) for 
measurement of materials properties using reso- 
nant-perturbation method. Position A is for permittiv- 
ity measurement and position B is for permeability 
measurement 
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Figure 2.9 Cavity perturbation method for the mea- 
surement of surface resistance of conductors 



conducting sample under test. With the knowledge 
of the geometry and the resonant mode of the 
cavity, the surface resistance of the conducting 
sample can be derived from the change of the 
quality factor due to the replacement of the end 
wall. 

For better understanding and application of var- 
ious methods for materials property characteriza- 
tion. in the following two sections, we discuss 
two important microwave phenomena: microwave 
propagation, which is the basis for nonresonant 
methods, and microwave resonance, which is the 
basis for resonant methods. In the last section of 
this chapter, we discuss microwave network, which 
is often used in microwave theoretical analysis and 
experimental measurement. 

Field approach and line approach are often 
used in microwave theory and engineering. In the 
field approach, we analyze the distributions of the 
electric and magnetic fields. In the line approach, 
we use equivalent circuits to represent microwave 
structures. In the following discussions, both the 
field and the line approaches are used. 



2.2 MICROWAVE PROPAGATION 

As discussed above, there are two general types 
of methods for materials property characterization: 
nonresonant methods and resonant methods, and 
the microwave phenomena related to these two 



types of methods are microwave propagation and 
microwave resonance. In this section, we discuss 
microwave propagation, and microwave resonance 
will be discussed in Section 2.3. 

In this section, we start with transmission-line 
theory, and then we introduce transmission Smith 
Charts, which are powerful tools in microwave the- 
ory and engineering. Afterward, we discuss three 
categories of transmission lines widely used in 
materials property characterization: guided trans- 
mission lines, surface-wave transmission lines, and 
free space. 



2.2.1 Transmission-line theory 

In this part, line approach will be used to analyze 
transmission structures. We use equivalent circuits 
to represent transmission structures, and discuss 
the propagation of equivalent voltage and current 
along transmission structures. 



2.2. 1.1 General properties of transmission 
structures 

We consider a general cylindrical metallic trans- 
mission structure whose cross sections do not 
change in z-direction. As shown in Figure 2.10, 
there are two types of metallic transmission lines, 
one is a single hollow metallic tube and the other 
consists of two or more conductors. 

The propagation of an electromagnetic wave 
along a transmission structure can be analyzed 
using Maxwell’s equations. From Eqs. ( 1 . 1)— ( 1 .4), 
we can get the wave equations for electric field E 




Figure 2.10 Two types of cylindrical metallic trans- 
mission lines, (a) Hollow tube and (b) two metal bars 
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and magnetic field H : 

S7 2 E+k 2 E= 0 (2.1) 

V 2 H + k 2 H = 0, (2.2) 

where k — 2 n/X is the wave number and X is the 
wavelength. 

In the transmission structure, the electromag- 
netic fields can be decomposed into the transverse 
components (Ej and Hy) and the axial components 
(E z and H , ) : 

E — E T +E Z (2.3) 

H=H t +H z (2.4) 



and such a wave is also called H wave. If H z — 0, 
the electromagnetic wave is called transverse mag- 
netic ( TM ) wave , and such a wave is also called E 
wave. If E z — 0 and H z — 0, the electromagnetic 
wave is called transverse electromagnetic ( TEM ) 
wave. In the following, we discuss the general 
properties of TE, TM, and TEM waves. 



TE wave 



For TE wave (E z — 0), from Eqs. (2.9) and (2.10), 
we have 



H x = 



k 2 — k 2 



V T H z 



( 2 . 11 ) 



We can also revolve the V operator into the 
transverse part V T and axial part V z : 



V — Vj T- V 2 



(2.5) 



with 



v z =Z — 
oz 

„ 3 „ 3 

V T by — 

dx By 

.3 ; 1 3 

Vj — r — -{- <h 

dr r 3 f 



( 2 . 6 ) 

(rectangular coordinates) 

(2.7) 

(cylindrical coordinates) 

( 2 . 8 ) 



where £, x, y, r, and 0 are the unit vectors along 
their corresponding axes. 

From Eqs. (2. 1)— (2.8), we can get the propaga- 
tion equations for metallic waveguides 

( k 2 - k:)H T = -j cosz x V x £. - j k z S7 T H z 

(2.9) 



E v = -TT^uZ x Vt ^ = x Hi (2.12) 

K K ^ ICg 



Equation (2.12) indicates that Ey, My, and £ are 
peipcndicular to each other. If we define the wave 
impedance of TE wave as 



>?te = — , 
k z 



(2.13) 



Eq. (2.12) can be rewritten as 



Z?t — — ) 1te£ x H t (2.14) 



The wave impedance for TE wave can be 
rewritten as 



>?TE 



co^fejl nr k 
k z ye k z ^ 



with the wave impedance of plane wave 



(2.15) 




and the wave number 



(2.16) 



0 k 2 - k 2 )E T = -j (Ofiz X V t H. - j k z V T E z , 

( 2 . 10 ) 

where k z is the wave number in Z-direction. 
Equations (2.9) and (2.10) show the relationships 
between the transverse and axial fields. If E z and 
H z are known, other components of electromag- 
netic waves can be calculated based on E z and H z . 

There are three types of electromagnetic waves 
with special E z and H z .If E z — 0, the electromag- 
netic wave is called transverse electric (TE) wave, 





k = Myfejl 


(2.17) 


TM wave 






For TM 


wave (H- = 0 ), from 


Eqs. (2.9) and 


( 2 . 10 ), we have 
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Equation (2.19) also indicates that Ey, Hj, and z 
are perpendicular to each other. Also, we define 
the wave impedance of TM wave: 

*7tm = — — (2.20) 

cos 






Similarly, the wave impedance for TM wave can 
be rewritten as 



??TM = 




( 2 . 21 ) 



TEM wave 

For TEM wave (E z = H, = 0), from Eqs. (2.9) 
and (2.10), we have 

(k 2 - k 2 )H T = 0 (2.22) 

(i k 2 - kl)E T = 0 (2.23) 



Figure 2.11 Transmission structures for TE and TM 
waves, (a) Rectangular waveguide, (b) circular waveg- 
uide, and (c) ridged waveguide 





Figure 2.12 Transmission structures for TEM waves, 
(a) Two parallel lines, (b) coaxial line, and (c) stripline 



As Ej ^ 0 and Hj ^ 0, from Eqs. (2.22) and 
(2.23), we have 

k = k z (2.24) 

Equation (2.24) indicates that the wave number of 
TEM wave propagating in the ^-direction is equal 
to the wave number of that of a plane wave. Also, 
the wave impedance for TEM wave is equal to that 
for plane wave: 



Static electric field cannot be built within a hollow 
tube, and TEM wave also cannot propagate in a 
hollow tube. But TE wave and TM wave could 
propagate in hollow tubes, and some hollow tube 
examples are shown in Figure 2.11. TEM waves 
can only propagate in a transmission structure with 
at least two conductors, and some examples of 
TEM transmission lines are shown in Figure 2.12. 



'Item = h- (2.25) 

Also we have 

Ej — — ??temZ x Hj ( 2 . 26 ) 

Equation (2.26) shows that Ey, Hy, and z are 
perpendicular to each other. 

Meanwhile, it can be proven that (Pozar 1998), 
for TEM wave, its field Ey at a cross section can 
be expressed by a scalar potential <I>: 

Ej = -V x O (2.27) 

We can further get that for a source-free transmis- 
sion line 

V 2 4> = 0 (2.28) 

Equation (2.28) indicates that if a TEM wave 
can propagate in a transmission line, the static 
field can also be established there and vice versa. 



2.2. 1.2 Propagation equations 

The above discussion indicates that, in the cross 
section of a TEM transmission line, the distribution 
of the electromagnetic field is the same as 
that of the static field, so we can introduce 
the concepts of equivalent voltage, equivalent 
current, and equivalent impedance. Therefore, we 
can use the “line” method to analyze the TEM 
transmission line. However, to ensure that this 
method is applicable, the geometrical length / 
of the transmission line should be comparable 
to the wavelength X, which means l/X > 1, and 
the current and voltage distribution along the 
transmission line are not uniform. In engineering, 
such a transmission line is called long line. 

It should be indicated that in the following dis- 
cussion, we use TEM transmission line. Actually, 
TE transmission line and TM transmission line can 
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(b) 

Figure 2.13 Equivalent of a transmission line, (a) Equivalent circuit for a short line element and (b) equivalent 
circuit for a long line. In the figure, Z g and V g are the impedance and driving voltage of the generator, and Zl is 
the impedance of the load 



also be analyzed in this way, provided suitable 
equivalent current and equivalent voltage are intro- 
duced. 

Equivalent circuit of transmission line 

Owing to the distribution properties of a transmis- 
sion line, the voltage and current on a long line are 
functions of both time and positions. The distribu- 
tions of the voltage and current are mainly deter- 
mined by the shape, dimension, and the properties 
of the conductors and dielectrics. In following dis- 
cussion, we assume that the cross section of the 
transmission structure does not change along with 
its axis. 

We divide a long line into many short line 
elements with length A z (A z A), and represent 

the short line elements with effective parameters: 
R\ Az, L\ Az, G\ Az, and CiAz, with R\,L\,G\ 
and Ci representing the resistance, inductance, 
conductance and capacitance of the line element 
respectively. The transmission line can therefore 
be represented by an equivalent circuit, as shown 
in Figure 2.13. 

Telegrapher equations 

Consider a short line element with length A z and 
starting point at z, as shown in Figure 2.14. Let the 



i(z,t) i (z + Az, t) 



R,Az L, Az 




z 



Figure 2.14 A short transmission line with length Az 
at position z 



voltage and current at the two ends of the element 
be: v(z, t), i(z,t ) and v(z + Az, t), i(z + Az, f)- 
According to the Kirchhoff s law, we have 



— A v(z, t) — v(z + Az, t) — v(z, t ) 

— R[Az- i(z, t) + L[Az- 

— A i(z, t) — i(z + Az, t) - i(z, t) 

— G i Az ■ v(z, t) + Ci Az 



3 i(z, t ) 



(2.29) 



3 v(z, t) 



(2.30) 

Letting Az -> 0, we can get the famous Telegra- 
pher equations 

3 v(z,t) 3 i(z,t) 

= Ru(z,t) + Li — (2.31) 

3z at 
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3 i(z,t) dv(z,t ) 

= G 1 v(z,t) + C 1 — (2.32) 

dz at 

The above Telegrapher equations can be rewrit- 
ten as 



with 



dV(z) 




~T~~ = Zil{z) 

dz. 


(2.33) 


d I(z) 




^ = Y t V(z) 


(2.34) 


dz 




v(z, t) = V(z)^ ot 


(2.35) 


i(z, t) = / (z)^' 


(2.36) 


Z, = R\ +]toL\ 


(2.37) 


Y 1 = G 1 +ja>C 1 . 


(2.38) 



Equations (2.33) and (2.34) indicate that, in the 
transmission line, the change of voltage is due to 
the series impedance Z\ and the change of current 
is due to the parallel admittance Y\. 



Characteristic parameters of a transmission line 

Following propagation equations can be obtained 
from Eqs. (2.33) and (2.34): 



d 2 V 2 




~d^~ rV 


(2.39) 


d 2 I 2 




d 7~^ Yl 


(2.40) 


with the transmission constant given by 




Y = s/Y\Z\ = ot+)P 


(2.41) 



The general solutions for Eqs. (2.39) and (2.40) 
are 



V = V 0+ e~ yz + V 0 -e yz (2.42) 
/ - Io+e~ yz + / 0 -e yz , (2.43) 



where V 0 ± and 7 0± are constants that should be 
defined by the boundary conditions. Equations 
(2.42) and (2.43) indicate that there may exist 
waves propagating along the +z direction and the 
— z direction, respectively. The phase velocity is 
given by 



co 




(2.44) 



From Eqs. (2.33) and (2.37), we can get 

Hz) = Y Vo+e ~ VZ + (-^") (2-45) 

where Z c is the characteristic impedance of the 
transmission line: 




(2.46) 



where T c is the characteristic admittance of the 
transmission line. 

By rewriting Eq. (2.45) as 



I(z) = I 0+ ^ YZ + Io-e yz = ^c- yz + ^-e yz 





(2.47) 


^± = Z C 

h+ 


(2.48) 


Vn_ 


— = -z c 

Io- 


(2.49) 



The negative sign in Eq. (2.49) is totally due to the 
definitions of voltage, current, and the direction of 
2 , and it does not indicate negative impedance. 

In summary, Eqs. (2.42) and (2.45) are the 
solutions of the Telegrapher Equations, and they 
indicate that there are voltage waves and current 
waves propagating in +Z direction and — Z 
direction. As the propagation constant y is a 
complex number, these waves attenuate along the 
transmission line. From Eq. (2.46), we have 



Y = a +]P = s/Y\Z\ 

— V (R\ + ]coL\)(G{ + jmCi) 



with 



a = 



N 



l -(J(R\+^L\){G\+^Cl) 

-(^LjCi-^Gi)) 



(2.50) 



(2.51) 



P = 



N 



^(^(7?- +<» 2 L?)(G“+fl) 2 C“ ) 
+ (co 2 L l C l - RiGo) 



(2.52) 
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According to Eq. (2.46), the characteristic imped- 
ance of the transmission line is given by 

7 _ \/ R\ + jwLi _ j~L 7 / 1 — }{R\/a>Li) 

c ~ TGT+l^r ~ V 1 - jCGiAwCj) 

(2.53) 

In the following, we discuss three typical con- 
ditions: high loss, low loss, and no loss. In 
microwave electronics, most of the actual condi- 
tions can be approximated as these conditions. 

High-loss transmission line 

For a transmission line with high loss, we assume 



Z c becomes 




No-loss transmission line 

This is an ideal case. At microwave frequencies, 
no actual transmission lines can be strictly no 
loss. However, if the transmission line is made of 
good conductors and low-loss dielectric, and the 
transmission line is not very long, we can neglect 
its loss. For a no-loss transmission line, 



wL\ R\ 


(2.54) 


R i = 0, 


(2.64) 


wC\ <5C G\ 


(2.55) 


Gi = 0. 


(2.65) 


From Eqs. (2.50)— (2.53), we can get 




From Eqs. (2.50)-(2.53), we can get 




a tv ^ R[G\ 


(2.56) 


a — 0 


(2.66) 




(2.57) 


P = WyJ L[C\ 


(2.67) 


[*7 

Zc V gT 


(2.58) 


N 

O 

II 

TiFi 


(2.68) 



So the electromagnetic waves attenuate quickly, 
and cannot propagate in such a transmission line. 
Matched load can be taken as such a kind of 
transmission line. 

Low-loss transmission line 



In this condition, Eqs. (2.42) and (2.43) become 
V(z) = V 0 +e~ if,z + Vo-e^ (2.69) 
I(z) = Io+e~ Pz + / 0 _e^ z 

= + — jJ* (2.70) 



For a low-loss transmission line, we assume 

ojL { » Ri (2.59) 

coC i » G[ (2.60) 

From Eqs. (2.50)-(2.53), we can get 




P « L\C\ (2.62) 

Equation (2.62) indicates that ft is almost indepen- 
dent of R\ and G\. The characteristic impedance 



Equations (2.69) and (2.70) indicate that both the 
voltage and current waves can propagate along +Z 
direction and — Z direction. As the characteristic 
impedance is a real number, the current and voltage 
are in phase. This is the most common situation 
in microwave engineering, and is usually called 
lossless transmission line or ideal transmission 
line. 

2.2. 1.3 Reflection and impedance 

As discussed above, in a uniform transmission 
line, both the voltage wave and current wave have 
two components propagating along +z direction 
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z 



Figure 2.15 A transmission line connected to a load 
with impedance Z L 



and —2 direction, and these two components 
can be called incident wave and reflection wave. 
In nonresonant methods for materials property 
characterization, the sample under study is loaded 
to a transmission line. We will discuss how the 
load to a transmission line affects the relationship 
between the incident wave and reflected wave. 



Voltage reflection coefficient 

As shown in Figure 2.15, a load with impedance 
Z L is connected to a piece of transmission line with 
length l. In analyzing the reflection properties, the 
origin of the axis is chosen at the place of load, and 
the positive direction of the axis is from the load 
to the generator, while the positive direction of 
current is still from the generator to the load. The 
relationship between the voltage and the current is 
determined by the loading impedance: 

Vl 

Zl = -f (2.71) 

'L 

The voltage reflection coefficient represents the 
voltage ratio between the reflected voltage V_ and 
incident voltage V+: 



r = ^ = y o- e ~ J * = Vb- e -** 

V+ Vo+e+i* v 0+ 



(2.72) 



Equation (2.72) indicates that the reflection coeffi- 
cient is related to the position along the /-axis. As 
the origin of the axis is chosen at the position of the 
load, the reflection at the load is: Tl = Vo— / Vo+. 
The reflection coefficient at a position (z) is 



T = r L e~> 2kzz (2.73) 



It is clear that the amplitude of the reflection 
coefficient does not change along a uniform 
transmission line. 



Input impedance 

On the basis of the definition of reflection coeffi- 
cient (T), the total voltage V (z) and total current 
I (z) along a transmission line can be expressed as 

V{z) = v+(l + n (2.74) 

I (z) = /+(! — T) (2.75) 



The relationships between the total voltage V (z.) 
and total current / (z.) are described by the input 
impedance Z\ and the input admittance T,: 



i v v+(i + n 

Yi ~ I ~ /+( 1 - r) 



(2.76) 



Sometimes, we use normalized impedance: 



Z; 

Z = T’ (2 - 77) 

where Z c is the characteristic impedance of the 
transmission line, and normalized admittance: 



y=% ( 2 - 78 ) 

where T c is the characteristic admittance of the 
transmission line. The relationships between the 
reflection, impedance, and admittance are listed in 
Table 2.1. 

The reflection coefficient T is periodical with 
period A. g /2, and so are the impedance and 



Table 2.1 Relationships between reflection coefficient 
and impedance and admittance 





Unnormalized 


Normalized 


Relationship between 
impedance and 
reflection 


Zi = 
r — 


z 1 + r 


_ 


i + r 


z °i - r 
Zi - Z c 


z — 

p — 


i - r 

z— 1 




i — 


Zi + z c 




z + 1 


Relationship between 
admittance and 
reflection 


Y — 


i - r 

Y 


y = 

p — 


i - r 


1 1 — 
p — 


i c 

i + r 

T c -Ti 


i + r 
i-y 




i — 


Fc + r, 


i — 


l + y 
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Figure 2.16 Impedance inversion along a transmission line. X g is the wavelength along the transmission line 



admittance. We can find the inversion property of 
the impedance: 



z(z) 



] 

z(z + A.g/4) ’ 



(2.79) 



where z(z) is the normalized impedance at position 
z, and z(z + A. g /4) is the normalized impedance at 
position (z + A. g /4). As shown in Figure 2.16, if a 
transmission line is loaded with a short, it is open, 
seen at the position X g /4 away from the short, and 
is short again seen at the position X g /2 away from 
the short. 



Other expressions for input impedance 



From Eqs. (2.82) and (2.83), we can get 
Zi = 

Zi = 

y, = 

7i = 

The above equations indicate that if the load 
is purely reactive, the input impedance at any 
position is also purely reactive. We consider two 
special cases. For a short loading ( zl = 0), we have 



/ j 

Z c + jZ L tank.z 
Zl + j tan k z z 
1 + jz L tan k z z 
Y Tl + j^c tanfc ; z 
' Y c + jT L tan^z 
7l + j tank.; 

1 + jy L tan k z z 



(2.84) 

(2.85) 

( 2 . 86 ) 
(2.87) 



If we write the total voltage and total current in 
following forms 



Zi=jtanfc z z (2.88) 



For an open loading ( zl = joo), we have 



V(z) = (Vb+ + Vo_) cos k z z + j(Vo + - V 0 -) sin k z z, 

(2.80) 

„ s V 0 + - V 0 _ , , .Vo+ + V 0 _ . , 

I (z) = — cos k z z + J sin k z z, 



Z c Z c 

the input impedance is given by 



Z,(Z) = 



(V 0+ + Vo-) cos k z z 
+ j(Vo+ - V 0 _) sin k z z 
[(Vo+ — Vo-)/Z c ] cos k z z 
+ j[(Vo+ + V 0 -)/Z c ]sink z z 



(2.81) 



(2.82) 



As the input impedance at z — 0 is the impedance 
of the load Zl, we have 



1 



Zi = -J 



tan k-z 



(2.89) 



2.2. 1.4 Typical working states of transmission 
lines 

The distributions of current and voltage are 
determined by the properties of the loading. 
Here, we discuss three typical working states 
of transmission lines: pure travelling wave, pure 
standing wave, and mixed wave. 



Pure travelling wave 



Z L 



Vp+ + Vq- 
C V 0+ - V 0 _ 



In this state, there is no reflection wave: T = 0, 
^ ' V (z.) — V + . Zi — Z c , and Zi = 1. The total voltage 
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is the incident voltage, and the input impedance 
at any position in the transmission line equals 
the characteristic impedance of the transmission 
line. The ratio between the voltage and current 
equals to Z c , and the current and voltage are in 
phase. 

As the input impedance at any cross section 
at the transmission line equals to Z c , the load 
impedance is also Z c , and such a load is called 
a matching load. In microwave electronics, the 
matching loads for coaxial line and waveguide are 
not an actual resistance, but a kind of material or 
structure which can absorb all the energy from the 
generator. 

Pure standing wave 

In this state, the load does not absorb any energy, 
all the energy is reflected: |F| = 1. When the 



load is short (Zl = 0), open (Zl = oo), or purely 
reactive (Zl = jX), the transmission line is in pure 
standing-wave state. 

Figure 2.17 shows the standing wave in a trans- 
mission line terminated by a short. In this state, 
Z L = 0 and T L = — 1. According to Eqs. (2.80) 
and (2.81), we have 

2i t \ 

T z ) (2 ' 90) 

/(z) = ^ ± cos^z^ (2.91) 

As shown in Figure 2.17(b), the phase differ- 
ence between the voltage and current is 90°. 

Figure 2.17(c) shows the distributions of the 

amplitudes of the voltage and current along the 
transmission line. 



V ( z ) = j2Vo+ sin 




Figure 2.17 Standing wave of a shorted transmission line, (a) Short terminated transmission line, (b) instant 
distributions of voltage (full line) and current (dashed line), (c) amplitudes of voltage and current, (d) the impedance 
distribution along the transmission line, and (e) lumped equivalent circuits at typical positions 
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Equation (2.88) indicates that the impedance of 
the transmission line shorted at the end is sure reac- 
tive. As shown in Figure 2.17(d), the impedance 
periodically appears as inductive reactance and 
capacitive reactance along z-direction with period 
A/2. Figure 2.17(e) shows the equivalent lumped- 
element circuits at several typical positions. A 
piece of shorted transmission line with length less 
than A /4 is equivalent to a lumped inductance, and 
a piece of shorted transmission line with length 
equal to X /4 is equivalent to a lumped parallel LC 
resonant circuit. A piece of shorted transmission 
line with length more than A/4 but less than A/2 
is equivalent to a lumped capacitor, and a piece 
of shorted transmission line with length equal to 
A/2 is equivalent to a lumped series LC reso- 
nant circuit. 

Mixed wave 

In most of the transmission lines, some of the 
energy is absorbed by the load and some of the 
energy is reflected. This state is a mixture of 
pure travelling wave and pure standing wave. The 
current and voltage along the line are 

V = V + (\ + r L e“ j2 ^ z ) (2.92) 

/ = — (1 - r L e _j2 * zZ ), (2.93) 

Zc 

where F[ is the reflection coefficient at the 
loading, and F = r l exp(~j2/<,z) is the reflection 
coefficient at position z. As r L is a constant, the 
voltage and current can be drawn using vector 
rotation method, as shown in Figure 2.18. 




Figure 2.18 Vector forms of the voltage and current 



1 




Figure 2.19 The voltage and current distributions 
along a loaded transmission line at the mixed state 

Figure 2.19 indicates that the distributions of 
voltage and current along a transmission line in 
mixed state are periodical with period A/2. The 
voltage V is in the range of V + (l + | T | ) to V + ( I — 

| r | ), while current is in the range of /+(i + |r|) 
to 7 + (l - | F |), with i+ = v+/z c . 

2.2.2 Transmission Smith charts 

In microwave engineering, it is often required to 
transform the impedance to different positions at 
the transmission line. Such transformation is usu- 
ally complicated (Eqs. (2.83)— (2.87)), while the 
calculation of reflection coefficient is relatively 
simple (Eqs. (2.72) and (2.73)). As there are corre- 
sponding relationships between the impedance and 
reflection coefficient, it is helpful to draw charts to 
represent the corresponding relationships, so that 
the transformation between impedance and reflec- 
tion can be easily conducted. 

Actually, there are two types of charts, square 
chart and circle chart, for this purpose. In a square 
chart, the magnitude and phase of the reflection 
coefficient are plotted in rectangular normalized 
impedance coordinates, while in a circle chart, the 
real part and imaginary part of the normalized 
impedance are plotted on polar coordinates of 
the reflection coefficient. The equal radius curve 
represents the magnitude of reflection, while equal 
angle line represents the phase of reflection. As 
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the reflection coefficient cannot be larger than 
unity, the reflection coefficient is always within the 
unit circle of the polar coordinate. In fact, these 
two kinds of charts indicate the transformation 
relationships between the impedance complex 
plane and reflection complex plane. Usually, the 
second chart is more often used and is often called 
Smith chart. 

Smith chart provides great convenience for 
transmission-line calculation. In the following 
discussion, we concentrate on Smith chart. There 
are two kinds of Smith charts: impedance Smith 
chart and admittance Smith chart. We will discuss 
the impedance Smith chart first, and the admittance 
Smith chart can then be transformed from the 
impedance Smith chart. 



2.2.2. 1 Impedance Smith chart 

The impedance Smith chart is formed by plotting 
the impedance on the reflection polar plane. 
Figure 2.20 shows the Smith chart and square chart 
in the impedance plane. As r > 0 and T < 1, the 
transformation between the square chart and Smith 
chart is a transformation between the right half 
plane in the impedance plane and the unit circle 
area in the reflection plane. 

The relationship between the reflection coeffi- 
cient T and the normalized impedance is: 

1 + T 

z=- (2.94) 



As z — r + jx and T = u + )v, where r — R/Z c 
is the normalized resistance and x — X /Z c is the 
normalized reactance, Eq. (2.94) can be rewritten 
as 



l + («+jn) 1 — m 2 — v 2 + )2v 

1 — (w+ju) (1 — u) 2 + v 2 

(2.95) 

As the real parts and the imaginary parts at the two 
sides of Eq. (2.95) should be equal, respectively, 
we have 

_ 1 - (m 2 - v 2 ) 

(1 — n) 2 + v 2 
2v 

(1 — u) 2 + V 2 

The impedance Smith chart is based on 
Eqs. (2.96) and (2.97). In the following, we discuss 
several sets of special lines in the impedance Smith 
chart, including r circles, x circles, p circles, and 
9 lines. 



(2.96) 

(2.97) 



r circles 

We rewrite Eq. (2.96) into the following form: 

1 



1 + r 



+ v 2 = 



1 + r 



(2.98) 



Equation (2.98) represents a circle in the reflec- 
tion plane with center (r/(r + 1), 0) and radius 




Figure 2.20 Normalized impedance charts, (a) Chart on impedance plane and (b) Smith chart (chart on reflection 
plane) 
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l/(r + 1). Different r values correspond to differ- 
ent circles which form a series of tangent circles 
with the tangent point (1, 0). When r = 0, the cir- 
cle center is at the original point and the radius is 1, 
representing a pure reactive state. When r — »■ oo, 
the center is at (1, 0) and the radius becomes zero, 
so the circle becomes a point (1, 0). Figure 2.21(a) 
shows a series of r circles. 

x circles 

Equation (2.97) can be modified into the following 
form: 

(u - l) 2 + (u - ^ = Q) (2.99) 

Equation (2.99) represents a circle in the reflection 
plane with center (1, 1/x) and radius l/x. Differ- 
ent x values correspond to different circles which 
form a series of tangent circles with the tangent 
point (1, 0). The center for the circle correspond- 
ing to x : = 0 is at (1, oo), and its radius is oo. The 
real axis of the impedance plane represents a pure 
resistive state (x = 0). A circle with x >0 is on 
the upper half, representing an inductive reactance 
state. A circle with x < 0 is at the lower half, rep- 
resenting a capacitive reactance state. For the cases 
x — ±oo, the center of the circle is at (1, 0) and 
the radius is 0, so the circles become a point (1, 0). 
Figure 2.21(b) shows a series of x circles. 

p circles 

The standing-wave coefficient p can be calculated 
from the reflection coefficient T : 



P = 



1 + |T| 
1 — I F | 



( 2 . 100 ) 



The points with the same standing-wave coeffi- 
cient p form a circle whose center is the origin of 
the reflection plane. Different p values represent 
a series of circles having the same center. When 
r > 1, p — r and when r < 1, p = (1/r). A series 
of p circles are shown in Figure 2.22(c). 



6 lines 

According to the expression: T = T' +jr" = 
|r|d e , it is clear that 0 — tan _1 (r"/ T'). As shown 
in Figure 2.22(c), the 0 lines are a series of 
straight lines passing through the center. Usually, 
0 lines are not shown in Smith chart, while the 
corresponding 6 values are labeled at the outermost 
circle. Sometimes the electric length is labeled 
instead of 0 values. 

By combing the circles and lines in Figure 2.22, 
we can get a full Smith chart. As shown in 
Figure 2.22, to make the chart clear and simple, 
p circles and 9 lines are usually not shown. 

Smith chart is often used to find the impedance 
of a point at a transmission from the impedance 
of another point at the transmission line. For 
a lossless transmission line, the module of the 
reflection coefficient does not change, and only the 
phase angle changes. So the normalized impedance 
points at different positions on the transmission 
line are on a p circle. When we know the 
impedance at one point, the impedance at another 
point can be obtained by rotating the point along 




Figure 2.21 Typical circles and lines at the T plane, (a) r circles, (b) x circles, (c) p circles and 6 lines 
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Figure 2.22 A Smith chart. Source: Pozar, D. M. (1998). Microwave Engineering, 2 nd ed., John Wiley & Sons, 
Inc., New York 

the p circle. In the rotation, it should be noted that direction of the z-axis is from the load to the signal 
the 0 value is calculated starting from the positive generator. 

T' axis. The 9 value increases along the counter 

clockwise direction, while it decreases along the 2 2 2 2 Admhumce Smhh charl 
clockwise direction. As shown in Figure 2.15, in 

a transmission line, the zero position is chosen at In some cases, it is more convenient to use 
the end of the transmission line, and the positive admittance. For a complex admittance y — g + )b. 
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its normalized conductance is g — GZ C , and its 
normalized susceptance is b — BZ C . According to 
Table 2. 1 , the relationship between admittance and 
reflection coefficient is 



i-r l + ( — r ) 
1 + r ~ l-(-r) 



( 2 . 101 ) 



Equations (2.94) and (2.101) indicate that the 
relationship between y and (— T) are the same as 
those between Z and T. So the g lines and b lines 
are also two groups of orthogonal tangent circles, 
and they have the same shapes as r lines and x 
lines. As every point on the impedance Smith chart 
can be converted into its admittance counterpart by 
taking a 180° rotation around the origin of the T 



complex plane, an admittance Smith chart can be 
obtained by rotating the whole impedance Smith 
chart by 180°, as shown in Figure 2.23. So a Smith 
chart can be used as an impedance Smith chart or 
an admittance Smith chart. 

However, it is necessary to give special attention 
to some special points and lines on the two Smith 
charts. The main differences of the two Smith 
charts are listed in Table 2.2. 

Smith charts are powerful tools widely used in 
microwave engineering. With known impedance or 
admittance, we can calculate the reflection coeffi- 
cient and standing-wave coefficient. We can also 
calculate the impedance or admittance from the 
standing-wave coefficient and position of voltage 





Figure 2.23 Two types of Smith charts, (a) Impedance Smith chart and (b) admittance Smith chart 



Table 2.2 Comparison between the impedance Smith chart shown in Figure 2.23(a) 
and the admittance Smith chart shown in Figure 2.23(b) 





Impedance Smith chart 


Admittance Smith chart 
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Open point, 


Open point, 
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II 
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II 
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II 
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II 
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II 
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Line “—1” to “0” 


Voltage nodes 


Voltage nodes 




r < 1, * = 0 


g > 1, b = 0 


Line “0” to "1” 


Voltage antinodes 


Voltage antinodes 




r > 1, jc =0 


g < 1, x = 0 


Upper half circle 


Inductive impedance 


Inductive admittance 




x > 0 


b < 0 


Lower half circle 


Capacitive impedance 


Capacitive admittance 




X <0 


b > 0 
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node. Using Smith chart, we can realize impedance 
transformation at two points on a transmission 
line, and we can also design impedance match- 
ing. Besides its applications in transmission lines, 
as will be discussed in Section 2.4.7, Smith charts 
can also be used in analyzing resonant structures. 



2.2.3 Guided transmission lines 

Here, we discuss several typical kinds of transmis- 
sion lines often used in materials property char- 
acterization, including coaxial lines, planar trans- 
mission lines, and hollow metallic waveguides. 
Coaxial lines and planar transmission lines can 
support TE mode, TM mode, and TEM mode or 
quasi-TEM mode, while hollow metallic waveg- 
uides cannot support TEM mode, but can support 
TE or TM modes. 

In materials property characterization, both the 
equivalent lumped parameters and the field distri- 
butions of transmission lines are important. In the 
following discussions, line approach and the field 
approach are used in combination. 



2.2.3. 1 Coaxial line 

As shown in Figure 2.24, a coaxial line mainly 
consists of a central conductor with diameter a 
and an outer conductor with inner diameter b. 
For coaxial cables used in microwave circuits, 
the space between the central conductor and outer 
conductor is filled with a dielectric material, such 
as Teflon. If the dielectric material between the 





Figure 2.24 The structure of coaxial line 



central conductor and outer conductor is air, the 
coaxial line is usually called coaxial air line. 
In materials property characterization, coaxial air 
lines are often used, and the toroidal samples under 
test are inserted in the space between the central 
conductor and outer conductor. 

Coaxial lines can support TEM, TE, and TM 
modes, and TEM mode is its fundamental mode. 
As in most of the microwave applications, single 
mode is required, most of the coaxial lines work 
at the TEM mode. In the following discussion, we 
focus on TEM mode. 

According to Eq. (2.28), for a coaxial line 
shown in Figure 2.25, its potential function <t> 
satisfies the two-dimensional Laplace’s equation: 



, 1 d 

V 2 <P = 

r dr 




1 a 2 *!) 

r 2 dtp 2 



= 0 



(2.102) 



As the potential function <t> does not change with 
tp(d<S>/dc/) — 0), Eq. (2.102) becomes 



- — (r— \ = 0 
r dr \ dr / 



(2.103) 



i, A 

r 2 





H-tf 
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Power 






(t-tf 






Signal 

Power 



(b) 



Figure 2.25 Field distributions of TEM mode in a coaxial line, (a) Field distribution at a transverse cross 
section and (b) the field distribution along the z-axis. Modified from Ishii, T. K. (1995). Handbook of Microwave 
Technology , vol 1, Academic Press, San Diago, CA, 1995 





Microwave Theory and Techniques for Materials Characterization 57 



The general solutions for Eq. (2.103) is 

<t>(r) = Ci In r + C 2 (2.104) 



According to the boundary conditions: 4>(n) = Vq 
and (£>(b) — 0, we can get 



Vo 

f 

1 In (a/b) 



C 2 = -Ci In b 



(2.105) 

(2.106) 



So the electric and magnetic fields of a TEM wave 
propagating in +z direction are 



Ej 



f — eT ikz — r- — e~i fc 
dr r In (b/a) 



(2.107) 



fl T =-zx E r e- > kz 
d 




V p In (b/a) 



(2.108) 

The field distributions are shown in Figure 2.25. 
The characteristic impedance Z c is defined by 



7 -Yl-Yi-IL 

c ip i i 2 ’ 



(2.109) 



where I is the current flowing in the coaxial line 
and P is the power transmitted by the line. For a 
coaxial line, its characteristic impedance is 



Z c 





( 2 . 110 ) 



As the filling medium in a coaxial line is usually 
dielectric and the wave impedance of free space is 
377 £2, we have 

60 / b\ 

Z c =— In - (Q) (2.111) 

V'/ 

The attenuation of a coaxial line consists of 
conductor attenuation a c and dielectric attenuation 
Old- 

a = a c + cid ( 2 . 1 12 ) 



with 



_ 4.34R, 1 + (b/a) 
L 2 bt] In (b/a) 

^tan<5 
oid = 27 . 3 ^— — 

Ao 



(dB/unit length) 

(2.113) 

(dB/unit length), 

(2.114) 



where R s is the surface resistance of the conduc- 
tor and A 0 is the free-space wavelength. If the 
conductor used is copper at 20 °C, the conductor 
attenuation a c can be calculated using the follow- 
ing equation (Chang 1989): 

9.5 x 10 _5 V7 (a + b)^fF t 
abln(b/a) 

(dB/unit length), (2.115) 
where / is the operating frequency. 



2.23.2 Planar transmission line 

As the characteristics of a planar transmission line 
can be controlled by the dimensions in a single 
plane, the circuit fabrication can be conveniently 
earned out by photolithography and photoetching 
techniques. The application of these techniques at 
microwave frequencies has led to the development 
of microwave integrated circuits. As will be 
discussed in Chapter 7, planar transmission lines 
are also used in materials property characterization. 

As shown in Figure 2.26, three types of pla- 
nar transmission lines are often used in microwave 
electronics and materials characterization: stripline, 
microstrip, and coplanar waveguide. The stripline 
shown in Figure 2.26(a) has an advantage that the 
radiation losses are negligible. The propagation in 
a stripline is in pure TEM mode, and stripline 
circuits are usually quite compact. The problem 
with stripline is the difficulty of construction. 
Usually, two substrates are required to be sand- 
wiched together, and the air gaps between the sub- 
strates may cause perturbation to the impedance. 
Microstrip line, shown in Figure 2.26(b), is the 
most widely used planar transmission structures. 
Usually the propagation mode on a microstrip 
circuit is quasi-TEM. For the development high- 
density microstrip circuits, thin substrates are often 




Figure 2.26 Cross-sectional views of three types of 
transmission planar lines, (a) Stripline, (b) microstrip, 
and (c) coplanar waveguide 






58 Microwave Electronics: Measurement and Materials Characterization 




Figure 2.27 Structure of a stripline 

used to maintain reasonable impedance and to 
reduce the coupling between different parts of the 
circuit. As shown in Figure 2.26(c), the circuit line 
and the grounding of a coplanar waveguide are on 
the same plane, and the wave propagation mode is 
also quasi-TEM. 



Stripline 



As shown in Figure 2.27, a stripline consists of 
upper and down grounding plates, and the central 
conductor. Between the grounding plates and the 
central conductor is air or dielectric materials. 
This structure can be taken as a derivation from 
a coaxial line, by cutting the outer conductor into 
two pieces and flattening them. Usually, the Filing 
medium is dielectric (/x'. = 1), and the dimensions 
of the transverse cross section ( b and w defined in 
Figure 2.27) of a stripline are much less than the 
wavelength. 

The fundamental propagation mode for a 
stripline is TEM. For the TEM wave propagating 
in a stripline, the phase velocity is 



1 c 

v - vTic 7 - 



( 2 . 116 ) 



where e r is the dielectric constant of the filling 
medium, C i and L\ are distributed capacitance and 
inductance, respectively, and c is the speed of light. 
The characteristic impedance is given by 



Z c 




1 

VpCi 



(2.117) 



As the calculations of phase velocity and dis- 
tributed capacitance are quite complicated, it is dif- 
ficult to give a general equation for the calculation 



of Z c . In the following, we discuss two special 
cases. 



Thin central conductor (t /b 1) 



For a stripline with a thin central conductor, if 
the width of the control conductor w is much 
larger than the distance between the ground plate 
and the central conductor (b/ 2), the field between 
the central conductor and the ground plate is 
uniform except the fields at the edges. Using 
conformal mapping techniques, we can get an 
appropriate equation for the stripline with zero- 
thickness central conductor (t — 0): 



Z c 



120tt 2 

8,/e^cosfU 1 e (7r «’)/( 2 *) 



(£ 2 ) 



(2.118) 



As the central conductor of an actual stripline has 
certain thickness, Eq. (2.118) can be modified into 



120tt 2 (1 — t/b) 
8 N /e^cosh~ 1 e (7rw) / (2fo) 



Thick central conductor 

If the condition (t/b <<C 1) cannot be satisfied, the 
calculation of the distributed capacitance becomes 
complicated. We consider two conditions: wide 
central conductor and narrow central conductor. 
If the width of the central conductor satisfies 
the condition w/(b — t) >0.35, we can assume 
that the field at right side and left side do not 
interfere. As shown in Figure 2.28, the distributed 
capacitance C i mainly consists of two parallel- 
plate capacitors and four edge capacitors: 



Ci = 2C P + 4 C' f 



(2.120) 



with 

0.0885e r u; 

C„ = — — — (pF/crn) 



C' t = 



(b - 0/2 
0.0885e r 



( 2 . 121 ) 



7T 



■In 



1 



1 



l -t/b \l -t/b 
1 



+ 1 



l -t/b 



1 In 



Ld -t/b ) 2 



(pF/cm). 



( 2 . 122 ) 
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W 




Figure 2.28 The distribution capacitance of stripline 
with thick central conductor 



Therefore the characteristic impedance can be 
calculated using 



Z c 



■s/e~r 



94.15 



w/b C'f \ 

1 -t/b + 0MS5s r ) 



(«) 



(2.123) 

If the central conductor is narrow, the interference 
between the fields at the two edges cannot be 
neglected. We may take the central conductor as 
a cylinder by introducing equivalent diameter 



, w t 

d _ — | 1 H 

2 w 



An w ft 

1 + In b 0.51:7r ( — 

t \w 



(2.124) 

and the characteristic impedance can be calculated 
using the following equation: 



60 (A b\ 

Z c = — In j (fi) (2.125) 



Similar to coaxial line, the attenuation also con- 
sists of conductor attenuation and dielectric attenu- 
ation: a — a c + «d- An approximate expression for 
attenuation resulting from conductor surface resis- 
tance is (Ramo et al. 1994) 



R s / nw /b + In (Ab/nt)\ 
qb \ \n2 + nw/2b ) 

(nepers/unit length) (2.126) 



Equation (2.126) is valid for w > 2b and t < 
b/ 10. Approximations for other dimensions can be 
found in (Hoffmann 1987). The attenuation caused 
by dielectric loss is (Collin 1991) 

tts” nJ~e i x \.an& 

ot(\ — — = (nepers/umt length), 

(2.127) 



Here we make some explanations on two ratio 
units: “dB” and "neper”. The definitions for “dB” 
and “neper” are 

dB = 10 ■ log 10 (power ratio) 

= 20 ■ log 10 (voltage ratio) (2.128) 
neper = In (voltage ratio). (2.129) 

The conversion relations between dB and neper are 

neper = dB x 0.115129255, (2.130) 

dB = neper x 8.685889638. (2.131) 



Microstrip 

As shown in Figure 2.29, a microstrip line consists 
of a strip conductor and a ground plane separated 
by a dielectric substrate. It can be taken as 
a transformation of coaxial line by cutting the 
outer conductor and flattening it. As the dielectric 
constant of the substrate is usually high, the field 
is concentrated near the substrate. 

In a strict meaning, the wave propagating on a 
microstrip line is not a pure TEM wave, nor a sim- 
ple TE wave or TM wave. The wave propagating 
on a microstrip is in a quasi-TEM mode. Accu- 
rate determination of the wave propagation on a 
microstrip line requires intense numerical simula- 
tions. But in engineering design, we may take the 
wave in a microstrip line as TEM wave, and use 
the quasi-static method to calculate the distributed 
capacitance, and then calculate its propagation con- 
stant, wavelength, and characteristic impedance. 




1—4 it I 

I h 



where X 0 is the free-space wavelength. 



Figure 2.29 Geometry of a microstrip 
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(c) (d) 



Figure 2.30 The concept of effective dielectric con- 
stant. (a) Microstrip fully filled with air, (b) microstrip 
fully filled with dielectric with permittivity s r , (c) 
microstrip partially filled with dielectric with permittiv- 
ity £ r , and (d) microstrip fully filled with dielectric with 
permittivity £ e g 

In the analysis of microstrip lines using quasi- 
static method, we introduce the concept of 
the effective dielectric constant, as shown in 
Figure 2.30. If the filling medium is air (e r = I ), 
as shown in Figure 2.30(a), the nricrostrip line 
can support the TEM wave, and its phase veloc- 
ity equals the speed of light c. If the transmission 
system is fully filled with a dielectric material with 
e r > 1, as shown in Figure 2.30(b), the microstrip 
can support TEM wave, and its phase velocity: 

Up = c/*/e T . (2.132) 

If a microstrip line is partially filled with a 
dielectric material with dielectric constant e r , 
as shown in Figure 2.30(c), we introduce the 
concept of effective dielectric permittivity e e ff 
to calculate the transmission parameters of the 
transmission line: wavelength k g , phase velocity 
Up, and characteristic impedance Z c : 



\/ £eff Up C\ 



(2.134) 



(2.135) 



where c is the speed of light, C i is the distributed 
capacitance of the nricrostrip, and Z° is the 
characteristic impedance of the microstrip when 
the filling medium is air. 

In most cases, the thickness of the strip is negli- 
gible (t/h < 0.005). The characteristic impedance 
and effective permittivity can be calculated using 
appropriate equations. If we define the relative strip 
width 

w 

u = -, (2.136) 

h 



the effective dielectric constant and characteristic 
impedance are given by (Ishii 1995) 

£ r T 1 ( £ r — 1 1 

£eff ~~ 2 + 2 |_V1 + 12 /m 



+ 0.041(1 



(for m < 1) (2.137) 



£r + 1 £r — 
£eff -^ + ~ 



r \ + 12/m 
(for u > 1) 



Z o — — — = In I — + 0.25 m 

V^eff \u 



(2.138) 



(for n < 1) (2.139) 



ff 1.393 + u + ln(u + 1.4444) 
(for u > 1) 



(2.140) 



Actually, the thickness of strip conductor affects 
the transmission properties of the microstrip line. 
We assume t < h and t < w/2. If the thickness of 
the strip t is not negligible, the effective dielectric 
constant should be modified (Ishii 1995): 



£eff(f ) = £eff — <>£eff 



(2.141) 



<$£eff = (£r - 1) 



4.6 hsfu 



ko 

8 



n We should also introduce a concept of effective 

relative strip width u e ff. 
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M e ff — u + 



U ctf — U T 



1.25/ ( f An w 

1 + In 



nh \ \ t 

(for u < 1 /( 2 n)) 
1.25 1 ( (2 h\ 

(for u > 1 /( 2 ^)) 



(2.143) 



(2.144) 



The attenuation factor of microstrip consists of 
dielectric loss factor and conductor loss factor: 
a = a c + ad (Ishii 1995). The dielectric loss factor 
is given by 



Coplanar waveguide 

As shown in Figure 2.31, in a coplanar waveguide, 
all the conductors are on the top surface of a 
dielectric substrate. Similar to the microstrip, the 
fundamental mode of propagation in the coplanar 
waveguide is a quasi-TEM mode. As shown in 
Figure 2.31(b), the pattern of the electric held in 
the space above the substrate is the same as in the 
substrate if the thickness of the strip is negligible 
and the substrate is thick enough. Therefore, we 
can get the effective dielectric constant: 



cxj = 27.3- 



e r £ e ff — 1 tan S 



(dB/unit length) 



£r — 1 

(2.145) 

and the conductor loss factor can be calculated by 



1.38A-*" 32 M " ff 



liZ c 32 + m 2 



eff 



(dB/unit length) (for n < 1) 



(2.146) 



r i i rv— 5 a ^s-Zc£eff / 0.667n e ff 

<Xc = 6.1x10 A ; | M e ff + 



h 



1 .444 + Meff 



(dB/unit length) (for u > 1) 



with 



A = 1 + — 

M e ff 



B = 



h 



1 (2B\ 

1 + - In — 
n \ t ) 

for m > ( 1 / 2 tt) 



(2.147) 

(2.148) 

(2.149) 



[27tu> for u < ( 1 / 2 tt) ’ 
where R , is the surface resistance of the conductor. 
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£ r T 1 

£eff=-^— , (2.150) 

and the phase velocity is given by 

v P = . 1 (2.151) 

vWeff 

By assuming that the thickness of the conductors 
is zero, ground conductors are infinitely wide, 
and the substrate has infinite thickness, we have 
the following approximate formulas (Ramo et al. 
1994): 



Z c 



Z c 



- 7 = In (iJ^) (£ 2 ) 

V V U)J 

for 0 < w/a < 0.173 

dttn. (i „( 2 ! + V“7|'|'! 

4\/£eff \ V 1 - aJw/ci J J 
for 0.173 < w/a < 1 



(2.152) 

(£ 2 ) 

(2.153) 




(b) 



Figure 2.31 Coplanar line, (a) Structural dimensions and (b) field distributions. The solid lines represent electric 
field and the dashed lines represent magnetic field 
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Figure 2.32 Factor for calculation of conductor loss in coplanar waveguide (Hoffmann 1987). Source: Muller, 
E.: Wellenwiderstand und Mittlere Dielektrizitatskonstante von koplanaren Zwei-und Dreidrahtleitungen auf einem 
dielektrischen Trager und deren Beeinflussung durch Metallwande. Dissertation, Techn. Universitat Stuttgart (1977) 



The relations for coplanar waveguides with thick 
conductor and thin substrate are very compli- 
cated (Hoffmann 1987; Gupta et al. 1979). 

The attenuation factor of a coplanar waveguide 
consists of dielectric loss factor and conductor loss 
factor: a = a c + ctj. The attenuation from con- 
ductor loss factor in the coplanar waveguide can 
be calculated from the following equation (Ramo 
et al. 1994): 

R . s , 

a c = A — v^eff (nippers/unit length) (2.154) 

The value of A can be found from Figure 2.32 on 
the condition that all the conductors have the same 
R s and have thickness satisfying t > 35, where 
5 is the penetration depth of the conductor. If 
d > a, the dielectric loss factor can be calculated 
using (Hoffmann 1987) 

( 1 - l/£ ef f\ . . . . . 

ct<x — I tan 5 (nepers/m) 

c V 1 - l/s r / 

(2.155) 

Finally, it should be noted that in the above dis- 
cussions on microstrip and coplanar waveguide, 
we do not consider the dispersion of the effective 
dielectric constant. In a strict meaning, the oper- 
ating frequency also affects the value of effective 



dielectric constant. More discussions on this topic 
can be found in (Ramo et al. 1994). 

2.2. 3. 3 Hollow metallic waveguides 

Hollow metallic waveguides are widely used in 
microwave engineering and materials property 
characterization. We first introduce the parameters 
describing the propagation properties of hollow 
metallic waveguides, and then discuss two types 
of hollow metallic waveguides: rectangular waveg- 
uide and circular waveguide. Finally, we introduce 
a transition between a circular waveguide and a 
rectangular waveguide. 

Propagation parameters 

As shown in Figure 2.33, a hollow metallic 
waveguide refers to a straight metal tube which has 
infinite length and whose cross section does change 
along the z-axis. The wave propagation in a general 
hollow metallic waveguide can be described by 

E(u u u 2 ,z,t) = C\E {u\, u 2 )ei‘ ot ~ yz (2.156) 

H(u\, u 2 , z, t) = C 2 H (mi, u 2 )^ <ot ~ yz (2.157) 

y 2 = -(k 2 -k 2 c ), (2.158) 
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Figure 2.33 A general hollow metallic waveguide 

where E and H are the electric and magnetic fields 
propagating in the waveguide along the Z-axis, and 
u\ and u 2 are two orthogonal coordinates perpen- 
dicular to Z-axis. The propagation parameter y is 
related to wave frequency, medium properties, and 
field distributions. 

If the frequency is high enough (7c > k c ), then y 
is an imaginary number: 

Y — )P (2.159) 

with 

P = ksf\ - ( kc/k ) 2 (2. 1 60) 

So Eqs. (2.156) and (2.157) can be rewritten as 

E (mi, u 2 , z, t) = CiE(u l ,u 2 )^ 0,, - pz) (2.161) 

H(ui, u 2 , z, t) = C 2 H(u u U 2 )^ a ‘~ Pz) (2.162) 



called the cutoff frequency f c , and its correspond- 
ing wavelength is called the cutoff wavelength X c . 
The relationship between k c and X c is 

2n 

h = — (2.166) 

A c 

Both k Q and X c are related to the transverse field 
distribution in the waveguide. The transmission 
requirement can be described as k > k c , X < X c , 
and Eq. (2.160) can be rewritten as 




For a TEM wave, as p = k. the cutoff wavelength 
is infinity, so TEM waves with any frequency 
satisfy the propagation requirement. 

In the following, we discuss parameters often 
used in describing the propagation properties 
of hollow metallic waveguides, including phase 
velocity, group velocity, and the wave impedances 
for TE and TM waves. 

According to the definition, phase velocity is the 
velocity of the movement of phase planes. From 
Eqs. (2.161) and (2.162), for a certain phase plane 
moving along the z-axis, following requirement is 
satisfied: 

tot — pz — constant (2.168) 



Equations (2.161) and (2.162) show that f> rep- 
resents the phase change of a unit length along 
z-axis, and is usually called the phase constant. 

If the frequency is low ( k < k c ), y becomes a 
real number: 

y = a = kcy/l - (k/k c ) 2 (2.163) 

So Eqs. (2.156) and (2.157) become 



From Eq. (2.168), we have 

d dz 

— (cot - pz) — to - p— — 0 
at at 

So the phase velocity is 

dz to 



(2.169) 



(2.170) 



E («i, u 2 , z, t) = C\E (m, u 2 )e~ az ^ mt (2.164) 
H(ui,u 2 ,z,t) = C 2 H(u\. u 2 )e~ az ^ t0> (2.165) 

Equations (2.164) and (2.165) indicate that the 
phase of E and H does not change with z-axis, 
and the fields decrease along the z-axis. So the 
wave is in a cutoff state. 

There is a critical state between the transmis- 
sion state and cutoff state: k = k c and so y — 0. 
The frequency corresponding to the critical state is 



From (2.167), we have 

to v v 

Vp ~~p~ yi - (x/x c ) 2 - yr - (aac) 2 ’ 

(2.171) 

where v is the velocity of electromagnetic wave: 

v=^-X = fX (2.172) 

Equation (2.171) indicates that the phase velocity 
of TE or TM wave is frequency-dependent, while 
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for TEM wave, the phase velocity does not change 
with frequency: 

rip = co/k — l/yfsjl. (2.173) 

The waveguide wavelength refers to the wave- 
length of a wave propagating along a waveguide. 
For TEM wave, the waveguide wavelength 

A g = v/f (2.174) 

So it is the same as the wavelength when the TEM 
wave propagates in a free space filled with the 
same medium. However, for TE and TM wave, 
the waveguide wavelength 7. g is given by 



Equation (2.178) can also be written as 

E = 2Eq cos(A w ■ t — A Pz) cosfwot — Poz) 

(2.179) 

It is an amplitude-modulated wave with two cosine 
factors. The factor cos (wot — Poz) corresponds to 
the transmission of the wave group along z-axis, 
and the factor cos(A cot — Aftz.) corresponds to 
the change of magnitude along the z-axis. The 
information transmitted is the change of magnitude 
(envelope) along the z-axis. So the velocity of 
information transmission is the velocity of the 
envelope transmission. For a plane in the envelope. 

Aw ■ t — Afiz = constant (2.180) 



Up _ A 

/ ~~ yi-a/A c ) 2 ’ 



(2.175) 



where A is the wavelength of wave propagation 
in free space filled with the same medium. 
Equation (2.175) indicates that A g is related to 
the shape and size of the waveguide, and the 
propagation mode in the waveguide. 

Equation (2.171) indicates that the phase veloc- 
ity may be greater than the speed of light. Actually, 
phase velocity is defined to a single frequency and 
endless signal (— oo < t < +oo), and such a signal 
does not transmit any information. Information is 
transmitted through modulation, and the speed of 
the transmitting information is the speed of trans- 
mitting the information component in a modulated 
wave. A modulated wave is not a single frequency 
wave but a group of waves with different frequen- 
cies, so its transmission velocity is called the group 
velocity. 

Here we discuss a simple example. We assume 
that the wave group consists of two signals with 
the same magnitude and very close frequencies and 
phase constants: 



_ jz gj((®o+A<u)f— ( jSo+AjSJz) 
jZ n _ E oe j«io 0 -Aco)t-(,p 0 -Ap)z) 



(2.176) 

(2.177) 



So the modulated wave is 

E — Ei + E 2 — 2 E 0 cos(Aw ■ t - Apz)^ (o>ot - poz) 

(2.178) 



Differentiating Eq. (2.180) with t gives 
dz Aw 

d7 ~~ ~Kp 

By taking Aw — »■ 0, we can get the group velocity 

dw 

u g =— (2.182) 

For TEM mode, as p = k — w(e/r) 1 / 2 , we have 

1 



(2.181) 



dw 



dp JeJI 



= Un 



(2.183) 



However, for TE and TM modes, as p 2 = —y 2 = 
k 2 — k 2 = w 2 e/r — k 2 , we have 



= ^ = -£- = Ji - (A) 

dP kjejl V \kj 



(2.184) 



It is clear that the group velocity is less than the 
speed of light. From Eqs. (2.171) and (2.184), we 
find that 



Up ■ v g — v 2 (2.185) 



Figure 2.34 shows the relationship between group 
velocity, phase velocity, and frequency of electro- 
magnetic waves propagating along a hollow metal- 
lic waveguide. 

Now, we discuss the wave impedances of TE 
and TM waves. As discussed earlier, the wave 
impedance is defined as the ratio between the 
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Rectangular waveguide 

Figure 2.35 shows a rectangular waveguide with 
width a and height h. Rectangular waveguides 
can transmit TE and TM modes. Usually, two 
subscripts m and n are used to specify TE or TM 
modes, so the propagation mode is often denoted 
as TE,„„ or TM m „. The subscript “m” indicates 
the number of changing cycles along the width 
a, while the subscript indicates the number of 
changing cycles along the height b. 

The field components of a TE„„, wave are 



Figure 2.34 Relationship between phase velocity, 
group velocity, and frequency 



transverse electric field and magnetic field. For TE 
mode at the transmission state, we have 



j cofj. coil Vm/ £ 

Y ~ P y/l - (A. Ac ) 2 



Ztem 

V 1 - (A Ac ) 2 



(2.186) 
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(2.192) 


E x — Zj^Hy 






(2.193) 


Ey — —Zj[H x 






(2.194) 


E z = 0 






(2.195) 



So, the impedance is pure resistance at transmis- 
sion state. But in the cutoff state, y — a, the wave 
impedance is an inductive reactance: 



Zte=— (2.187) 



Similarly, the wave impedance for TM modes at 
the transmission state is 




It is pure resistance. But for the cutoff state, the 
wave impedance is a capacitive reactance: 

Z TM =— (2.189) 



The constant A is related to the power of the wave. 
The parameters y nm , k c , and other parameters are 
listed in Table 2.3. 

The field components of a TM m „ wave are: 

„ D y,nn nut ( nut \ . nm\ 

E x = B — cos x sin — (2. 196) 

ki a \ a / V b / 




In the following, we discuss two typical types 
of waveguides: rectangular waveguide and circular 
waveguide, which are widely used in materials 
property characterization. 



Figure 2.35 Rectangular waveguide. Source: Ramo, 
S. Whinnery, J. R. and Van Duzer, T. (1994). Fields 
and Waves in Communication Electronics, 3 rd ed., John 
Wiley & Sons, Inc., New York 
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Table 2.3 Properties of empty rectangular waveguide 



TE„,„ mode 



TM,„„ mode 



Cutoff wave number, k c 
Propagation constant, y mn 
Guided wavelength, k g 

Group velocity, v g 
Phase velocity, u p 
Wave impedance, Z 

Attenuation for TE„,„ modes 
(Ramo et al. 1994) 
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Attenuation for TM,„„ modes 
(Ramo et al. 1994) 
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H z = 0 




(2.201) 



The constant B is related to the power of the wave. 
The parameters y mn , k c , and other parameters are 
listed in Table 2.3. 



The constants A and B in Eqs. (2. 190)— (2.201) 
affect the amplitude of the fields, but do not affect 
the field distribution. The field distributions of 
several typical TE and TM modes are shown in 
Figure 2.36. 

Figure 2.37 shows the sequence in which var- 
ious modes come into existence as the operation 
frequency increases for aspect ratio b/a equals 1 
and 0.5. In the cutoff range, no mode can propa- 
gate in the waveguide. TEjo is the most often used 
mode, and in most cases we should ensure wave- 
guides work in single mode state. In microwave 
engineering, waveguides with b/a — 0.5 is more 
widely used. 
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Figure 2.36 Summary of wave types of rectangular waveguides. Electric field lines are shown solid and magnetic field lines are dashed (Ramo et al. 
1994). Source: Ramo, S. Whinnery, J. R. and Van Duzer. T. (1994). Fields and Waves in Communication Electronics , 3 rd ed., John Wiley & Sons, Inc., 
New York 
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Figure 2.37 Relative cutoff frequencies of rectangular guides (Ramo et al. 1994). Modified from Ishii, T. K. 
(1995). Handbook of Microwave Technology, vol 1, Academic Press, San Diago, CA, 1995; Ramo, S. Whinnery, 
J. R. and Van Duzer, T. (1965). Fields and Waves in Communication Electronics, John Wiley & Sons, Inc., New 
York 



Circular waveguide 

As shown in Figure 2.38, in the analysis of a circu- 
lar waveguide, it is more convenient to use cylin- 
drical coordinate (r, <p, z). The dimension of a cir- 
cular waveguide is its radius a. Circular waveguide 
can transmit TE and TM modes. Usually, the prop- 
agation mode in a circular waveguide is denoted as 
TE,„ or TM,„- . The subscript “n” indicates the num- 
ber of changing periods in ^-direction, while the 
subscript “i” indicates the number of the changing 
periods in r-direction. 

The field components of a TE,„ wave are 

H, — —Ay„j ( ] J' (^-r) cos tup (2.202) 

V dm J \ a / 




Figure 2.38 Circular waveguide 



Ha, — —Any„i ( — ^ J n (^-r) sin ntp (2.203) 

\HniJ v a / 



H z — —AJ n cos mp (2.204) 

E r = ZteH r „ (2.205) 

Ey = -Z TE H r (2.206) 

E z = 0 (2.207) 



The constant A is related to the microwave power 
transmitted in the waveguide, J„ is nth-order 
Bessel function, and //,,, is the <th root of J' n . Some 
characteristic parameters are listed in Table 2.4. 
The field components of a TM,„ wave are 




(2.208) 
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(2.210) 
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( 2 . 212 ) 
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Table 2.4 Properties of empty rectangular waveguide 

TE„, mode TM,„ mode 



Cutoff wave number, k c 

Propagation constant, y n i 
Guided wavelength, k g 

Group velocity, v g 
Phase velocity, v p 
Wave impedance, Z 

Attenuation for TE„, modes 
(Ishii 1995) 

Attenuation for TM„, modes 
(Ishii 1995) 
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where n„, is the is the f th root of and B 
is related to the microwave power transmitted in 
the waveguide. Some characteristic parameters are 
listed in Table 2.4. 

Figure 2.39 shows the field distributions of 
several typical circular waveguide modes. We can 
see that along the <p direction, the field changes 
in a sinuous way, and the number n indicates the 
period number in the range of 0 to 2n. In the 
radius direction, the field changes according to 
Bessel function or differentiated Bessel functions, 
and i indicates the number of zeros along the 
radius (0 < r < a). 

In circular waveguides, there exist degeneration 
phenomena. There are two kinds of degenerations: 
polar degeneration and E-H degeneration. For a 
TE, ?i - or a TM,„ (n f 0). mode there are two kinds 
of field distributions that have the same shape, 
but their polarization planes are perpendicular to 
each other. Such degeneration is called polar 
degeneration. Meanwhile, because 

(2.214) 



the roots for ./,' ( v ) and J\ (x) are the same: /Mv — 
v i , . Therefore, TE 0 , and TMj, have the same 
wavelength, and this is called E-H degeneration. 

Figure 2.40 shows the cutoff frequencies for 
different modes of circular waveguides. Similar 
to rectangular waveguides, there is a cutoff range 
where no mode can propagate, and the fundamental 
mode is TEn mode. In the design and selection of 
circular waveguides, we should ensure single mode 
requirement. 

Transition from rectangular waveguide to circular 
waveguide 

In microwave engineering, we often use the prime 
modes of rectangular and circular waveguides. The 
prime mode of rectangular waveguide is TEj 0 , 
and that of circular waveguide is TEn. Owing 
to the E-H degeneration of circular waveguides, 
rectangular waveguides are more widely used 
while circular waveguides are often used in 
antennas, polarization attenuators, ferrite isolators, 
and circulators. 



Jq(x) = - J iW, 





Wave type TM 01 TM 02 TM 
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Figure 2.40 Relative cutoff frequencies of waves in a circular guide (Ramo et al. 1994). Source: Ramo, S. 
Whinnery, J. R. and Van Duzer, T. (1994). Fields and Waves in Communication Electronics, 3 rd ed., John Wiley 
& Sons, Inc., New York 




Figure 2.41 Transition between a rectangular waveg- 
uide and a circular waveguide 

As the field distributions of rectangular TE 10 
and circular TEn are similar, it is easy to realize 
the transition between them. Figure 2.41 shows an 
example for the transition between a rectangular 
waveguide and a circular waveguide. 

2.23.4 Transitions between different types 
of transmission lines 

In building microwave measurement circuits, it 
is necessary to make transitions between differ- 
ent types of transmission structures, for example, 
transitions between waveguide and coaxial line, 
and transitions between waveguide and microstrip 
line. The function of a microwave transition is to 
couple the electromagnetic wave in one type of 
transmission structure into another. Meanwhile, a 
transition between two different transmission struc- 
tures transforms the electromagnetic field distribu- 
tions in one transmission structure to conform to 
the boundary conditions of another transmission 
structure. Here, we discuss the basic requirements 
for the design of transitions and then give several 
transition examples. Detailed analysis and more 
examples can be found in (Izadian and Izadian 
1988). 



Field matching and impedance matching 

The objective of transition design is to make 
the transformation between different types of 
transmission structures as efficient as possible. 
To obtain good transformation, two requirements 
should be satisfied: impedance matching and field 
matching. 

A practical approach to realize the efficient 
field transition from one transmission structure 
to another is to smoothly and gradually change 
the physical boundary conditions. A transition 
example is the transition between rectangular and 
circular waveguides, as shown in Figure 2.41. 
Here, we discuss the transitions between different 
types of transmission structures. 

Waveguide, coaxial line, and microstrip are three 
types of transmission structures often used in 
microwave engineering and materials characteri- 
zation, and their electric field and magnetic field 
distributions are shown in Figure 2.42. To ensure 
field matching, it is necessary to transform the 
field geometry by reshaping the transmission struc- 
tures. Figure 2.43 illustrates the evolution pro- 
cedure of modifying a coaxial transmission line 
into a microstrip line by cutting the coaxial line 
along the longitudinal direction and unfolding it. 
Meanwhile, the transition between two transmis- 
sion structures must provide impedance matching 




Figure 2.42 Field distributions of three types of trans- 
mission structures, (a) Rectangular waveguide, (b) 
coaxial line, and (c) microstrip 
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Figure 2.43 The evolution from a coaxial line to a 
microstrip line, (a) Coaxial line and (b) microstrip 
line. Reprinted with permission from Microwave Tran- 
sition Design, by Izadian, J. S. and Izadian, S. M. 
(1988). Artech House Inc., Norwood, MA, USA. 
www.artechhouse.com 

between the two transmission structures to reduce 
the reflection at the transition and improve the tran- 
sition efficiency. To achieve both field matching 
and impedance matching, most of the transitions 
use step transition or continuous taper transition 
approaches. 

In the following, we discuss two typical tran- 
sitions: transition between rectangular waveguide 
and coaxial line, and transition between coaxial 
line and microstrip line. 



Transition between rectangular waveguide 
and coaxial line 

Rectangular waveguide is a non-TEM wave trans- 
mission structure, which only supports TE or TM 
modes, so a rectangular waveguide may be taken as 
a high-pass or band-pass structure, while a coaxial 
line supports a TEM mode and can be used from 
dc. The upper frequency limit of coaxial lines is 
the increase of loss of the transmission line and 
the higher order modes. 

Two classic approaches have been used in the 
design of transition between a waveguide and a 
coaxial line: the electric probe and the magnetic 
probe. The coaxial line is usually 50 Ohms, but 
the impedance of the TEm mode in a rectangular 
waveguide is usually several hundred Ohms. So, the 
design procedure is to get an optimum impedance 
matching by changing the location, height, and 
diameter of the electric or magnetic probe. 

Figure 2.44 shows a transition in magnetic probe 
approach. The inner conductor of the coaxial line 
is connected to the top side of the waveguide wall. 




Figure 2.44 Magnetic-dipole approach for the tran- 
sition between a rectangular waveguide and coaxial 
line (Izadian and Izadian 1988). Reprinted with permis- 
sion from Microwave Transition Design, by Izadian, J. S. 
and Izadian, S. M. (1988). Artech House Inc., Norwood, 
MA, USA. www.artechhouse.com 



and the shield of the coaxial line is connected to 
the bottom side of the waveguide wall. At the 
connection region, the height of the waveguide is 
decreased to achieve an impedance value close to 
that of the coaxial line (50 £2), and so the first 
critical translation is made between coaxial line 
and waveguide. Quarter- wavelength waveguide 
sections between the normal waveguide and the 
connection region are often used to make a 
transition between the normal waveguide and 50 £2 
waveguide. 

Figure 2.45 shows an electric probe approach 
for making a transition between a rectangular 
waveguide and a coaxial line. In this approach, 
the central conductor of the coaxial line extends 
into the waveguide, but is not connected to the 
opposite waveguide wall. The central conductor 
acts as a small monopole antenna exciting the 
propagation mode in the rectangular waveguide. 





(b) 



Figure 2.45 Electric-probe approach for a transition 
between a rectangular waveguide and a coaxial line, 
(a) Side view and (b) front view (Izadian and Izadian 
1988). Reprinted with permission from Microwave 
Transition Design, by Izadian, J. S. and Izadian, S. 
M. (1988). Artech House Inc., Norwood, MA, USA. 
www.artechhouse.com 
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The impedance matching can be achieved by 
varying the dimensional parameters, including 
off-center position of the probe A, probe length 
B, and probe position in the waveguide C. 

Transition between coaxial line 
and microstrip line 

The transitions between coaxial and microstrip 
line are the most frequently used transitions in 
microwave electronics. In materials property char- 
acterization, these types of transitions are often 
required in developing planar circuit method, 
which will be discussed in Chapter 7. The transi- 
tions between coaxial line and microstrip lines are 
often required to have broad working frequency 
range, high return loss, and low insertion loss. 

The basic principle for a transition between 
coaxial line and microstrip line has been shown 
in Figure 2.43. As microstrip circuits are usu- 
ally hosted in a casing, the transition between 
microstrip line and coaxial line is often designed 
in the package casing. In the development of such 
transitions, commercially available standard con- 
nectors, including the central pins and shields, are 
often used. In a transition structure, the central pin 
is connected to the microstrip circuit, and the shield 
is connected to the wall of the casing, as shown 
in Figure 2.46(a). It is preferable to choose a con- 
nector with a dielectric insulator whose thickness 
is close to the thickness of the microstrip substrate, 
and the dielectric insulator of the connector and the 
microstrip substrate have close dielectric constant. 




(a) 



Meanwhile, to obtain better transition efficiency, 
the width of the microstrip must be close to the 
diameter of the coaxial central pin. 

Figure 2.46(b) shows a right-angle transition 
between a coaxial line and a microstrip line. Such 
a transition can be fabricated by drilling a hole in 
the microstrip substrate. The pin of the connector 
is inserted through the hole and connected to the 
microstrip circuit and the shield of the connector 
is connected to the ground of the microstrip line. 
This kind of transition is often used in antennas, 
but it requires high fabrication techniques. 

Figure 2.47 shows another example of transition 
between a coaxial line and a microstrip line. 
In such a transition, the central conductor of 
the coaxial line goes gradually from the axis 
position to the strip of the microstrip, and the 
grounding plate of the microstrip is connected 
to the outer conductor of the coaxial line. The 
field distributions at different cross sections of the 
transition structure indicate that the fields change 
gradually, and so high transition efficiency can be 
achieved using this transition structure. 

2.2.4 Surface-wave transmission lines 

Besides the guided transmission lines discussed in 
Section 2.2.3, there exists a class of open-boundary 
structures which can also be used in guiding 
electromagnetic waves. Such structures are capable 
of supporting a mode that is closely bound to the 
surfaces of the structures. The field distributions 
of the electromagnetic waves on such structures 
are characterized by an exponential decay away 



Microstrip 




(b) 



Figure 2.46 Transitions from coaxial line to microstrip, (a) Straight transition and (b) right angle transition 
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Figure 2.47 A transition between a coaxial line and a microstrip line (Modified from Hoffmann, R. K. (1987). 
Handbook of Microwave Integrated Circuits, Artech House, Norwood, MA, 1987. © 2003 IEEE 



from the surface and having the usual propagation 
function exp(±j/fs) along the axis of the structure. 
Such an electromagnetic wave is called a surface 
wave, and the structure that guides this wave is 
often called a surface waveguide. One of the most 
characteristic properties of a surface wave is that 
it does not have low-frequency limit. 

Sometimes, surface waveguides are also called 
dielectric waveguides, as in most cases, the key 
components consisting a surface waveguide are 
dielectrics. In a surface waveguide, the wave trav- 
els because of the total internal reflections at the 
boundary between two different dielectric materi- 
als. Figure 2.48 shows a cross section of a gener- 
alized surface waveguide. The conductor loss in a 
surface waveguide is usually very low, while the 
loss due to the curvature, junction, and disconti- 
nuities, and so on, may be quite large. The loss 
of a dielectric waveguide can be decreased using 




Figure 2.48 Cross section of a generalized dielectric 
waveguide 



high permittivity and extremely low loss dielec- 
tric materials. But the use of high permittivity 
materials may result in very small size of the sur- 
face waveguide and severe fabrication tolerance 
requirements. 

In the following, we mainly discuss the sur- 
face waves at dielectric interfaces, dielectric 
slabs, rectangular dielectric waveguides, cylindri- 
cal dielectric waveguides, and coaxial surface- 
wave transmission structures. 

2.2.4. 1 Dielectric interface 

The simplest surface waveguide structure is a 
dielectric interface between two dielectric materi- 
als with different dielectric permittivities as shown 
in Figure 2.49. For an electromagnetic wave inci- 
dent on the interface, we have Snell’s laws of 
reflection and refraction: 

6>i = 6> r (2.215) 

k\ sind; = A '2 sin(9 t , (2.216) 

where k\ and A ' 2 are the wave-numbers in the two 
dielectric media, given by 

h = co^/iioSi (i = 1, 2), (2.217) 

where co is the operating frequency. Other param- 
eters are defined in Figure 2.49. In the following 
discussion, we assume £1 > £ 2 . 
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x 




Figure 2.49 Geometry for a plane wave obliquely 
incident at the interface between two dielectric regions 



From Eq. (2.216), we have 

sin 0 t = x/e\/£ 2 sin 9 { (2.21 8) 

Equation (2.218) indicates that when the incident 
angle 0; increases from 0° to 90°, the refraction 
angle 9 t will increase, in a faster rate, from 0° to 
90°. At a critical incident angle 9 C defined by 

sin0 c - (2-219) 

0 t = 90°. When the incident angle is equal to or 
larger than the critical angle, the transmitted wave 
does not propagate into region 2. 

When 9[ > 9 C , the angle 0, loses its physical 
meaning defined in Figure 2.49. We write the 
incident fields as 



E[ = E 0 (x cos$i — z sin#;) 



exp[— j/q (x sin 9\ + z cos 0;)] (2.220) 

E 0 „ 

Hi — — v exp[— )k\(x sin0j + zcosOi)] (2.221) 
'll 

When 9\ > 9 C , the transmitted fields are usually 
expressed as 



E { = 



H t = 



E 0 T {^-x - j-z^j exp(-j^) exp(-az) 

( 2 . 222 ) 

E T 

° v exp(— j/i.r) exp(— az), (2.223) 

m 



where T is the transmission coefficient, f> is 
the propagation constant, and tj, is the wave 
impedance given by 

hi = y do/ Si O' = 1,2) (2.224) 



From the boundary condition, we can get 



f — k\ sinO; = k\ sin0 r (2.225) 

a — ij ft 2 — k\ — yjk\ sin 2 9\ —k\. (2.226) 



The reflection and transmission coefficients can 
then be obtained (Pozar 1998): 



r = 



T = 



(j 0 ‘/k 2 )h 2 - >?1 cosgj 
Qot/k 2 )m + hi cosft 
2t] 2 cos 9\ 

(jot / k 2 )i ]2 T ')i cos 9\ 



(2.227) 

(2.228) 



The magnitude of T is unity as it is of the form 
(a — )b)/(a + )b), so all the incident power is 
reflected. 

Equations (2.222) and (2.223) indicate that the 
transmitted wave propagates in the x -direction 
along the interface, while it decays in the z- 
direction. As the field is tightly bound to the inter- 
face, the transmitted wave is called surface wave. 
From Eqs. (2.222) and (2.223), we can calculate 
the complex Poynting vector (Pozar 1998): 



S t = E t x H* = 



h 2 

exp(— 2 az) 



j <* ,~P 



(2.229) 



Equation (2.229) indicates that no real power flow 
occurs in the z-direction. The real power flow 
in the x-direction is that of the surface wave 
field, which decays exponentially with distance 
into region 2. So, even though no real power is 
transmitted into region 2, a nonzero field does exist 
there in order to satisfy the boundary conditions at 
the interface. 



2. 2. 4. 2 Dielectric slab 

Surface waves can propagate on dielectric slabs, 
including ungrounded and grounded dielectric 
slabs. 
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Figure 2.50 Cross section of an ungrounded dielectric 
slab 

Ungrounded dielectric slab 

An ungrounded dielectric slab is also called sym- 
metrical dielectric slab due to its structural sym- 
metry. Figure 2.50 shows an ungrounded dielectric 
slab with a thickness 2 d, and at the regions x > d 
and x < —d, the medium is air. We assume that 
the dielectric loss of the slab is negligible and the 
dielectric constant of the slab is f.y. For a plane 
wave propagating from the slab to the interface 
between the dielectric and air, if the incident angle 
satisfies 

0, > sin-^l/V*), (2.230) 

the wave energy will be totally reflected, resulting 
in surface wave propagation. 

We assume that the dielectric slab is infinitely 
wide, the electromagnetic held does not change 
along the y-direction, and the propagation factor 
along the z-direction is exp(— j/lz). According to 
Maxwell’s equations and the boundary conditions, 
it can be verified that there are two types of surface 
waves: TM modes with components H y , E x , and 
E z , and TE modes with components E y , H x , and 
H z . Detailed discussions on TM and TE modes can 
be found in (Collin 1991). 

Owing to the symmetrical structure of the 
dielectric slab, the surface waves also fall into 
symmetrical modes and antisymmetrical modes. 
For a symmetrical TM mode, as the distribution of 
H y along x-direction is symmetrical for the plane 
x — 0, we have 

dH v 

— I =0. (2.231) 

dx x=0 

Equation (2.231) indicates that the tangent electric 
held component along the x = 0 plane equals zero, 
so we can put an electric wall at the x = 0 plane. 



For an antisymmetrical TM mode, at x = 0 plane, 
we have 

H y = 0, (2.232) 

so we can put a magnetic wall at the x = 0 plane. 

For TE modes, we have opposite conclusions. 
For a symmetrical TE mode, we can put a magnetic 
wall at the x = 0 plane; and for an antisymmetrical 
TE mode, we can put an electrical wall at the x = 0 
plane. 

The cutoff wavelength for both TM„ and TE„ 
modes are given by 

2d n 

— = — (n = 0, 1, 2, 3, . . .) (2.233) 

k c 2 ( E[ - 1 )>/ 2 

Even values of 77(0,2,4,...) correspond to 
even TM or TE modes, while odd values of 
77(1, 3, 5, . . .) correspond to odd TM or TE modes. 
Equation (2.233) indicates that for an ungrounded 
dielectric slab, the hrst even mode (n — 0) has no 
low-frequency cutoff. 

Grounded dielectric slabs 

Figure 2.51 shows a dielectric slab grounded by 
a metal plate. A grounded dielectric slab with 
thickness d can be taken as a special case 
of ungrounded dielectric slab with thickness 2d 
as shown in Figure 2.50, with an electric wall 
placed at the plane x = 0. Detailed discussion 
on grounded dielectric slab can be found in 
(Pozar 1998). 

The surface waves propagating on a grounded 
dielectric slab can also classihed into TM and TE 
modes. The cutoff wavelength for TM„ mode is 




Ground plane 



Figure 2.51 Geometry of a grounded dielectric slab 
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given by 



(2 ’ 34) 

while the cutoff wavelength for TE„ mode is given 
by: 



2d 

X c 



In - 1 
2(e r - l)i/2 



(n = 1,2,3,...) (2.235) 



surface waves on dielectric waveguides usually 
requires numerical techniques, among which the 
mode-matching method is often used. Detailed 
discussion on rectangular dielectric waveguide 
can be found in (Ishii 1995; Goal 1969). In the 
following, we discuss the propagation constants 
of isolated rectangular dielectric waveguides and 
image guides. 



Equations (2.234) and (2.235) indicate that the 
order of propagation for the TM„ and TE„ modes 
is TM 0 , TEi, TMj, TE 2 , TM 2 , . . .. 

2. 2.4. 3 Rectangular dielectric waveguide 

A rectangular dielectric waveguide can be taken 
as a modification from a dielectric slab, by 
limiting the width of the slab. Corresponding to 
ungrounded and grounded dielectric slabs, we have 
isolated dielectric waveguides and image guides. 
The determination of propagation properties of 



Isolated rectangular waveguide 

Figure 2.52 shows the geometrical structure of 
an isolated rectangular waveguide and its field 
distributions along the x-direction and v-dircction. 
The axis of the dielectric waveguide is along the 
2 -direction, and dimensions along the v-dircction 
and v -direction are 2 a and 2b, respectively. 

The propagation constant for the surface wave 
along the rectangular waveguide is given by (Ishii 
1995) 

k z = (e r kl - k\ - k 2 y )' /2 (2.236) 



2b 




2 a 

(a) 







Figure 2.52 Rectangular dielectric waveguide and its field distributions (Ishii 1995). (a) Geometrical structure, 
(b) field distribution along x-direction, and (c) field distribution along y-direction. Source: Ishii, T. K. (1995). 
Handbook of Microwave Technology, Vol 1, Academic Press, San Diago, CA, 1995 
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Figure 2.53 Configuration of an image guide (Ishii 1995). Source: Ishii, T. K. (1995). Handbook of Microwave 
Technology , Vol 1, Academic Press, San Diago, CA, 1995 



with 



tx 2a + a[(e r - l)k 2 0 - k 2 y ]\ 
nn [ 1 | -l 

ky = 2b l 1 + S r b[(B r - l)k 0 ]C2 J 

k x0 = (e r - l)*o - ^ ^ 

^vO — (&T 1)*5 ky, 



(2.237) 

(2.238) 

(2.239) 

(2.240) 



where k x and k y , k x o and /< v o are the trans- 
verse propagation constants inside and outside the 
dielectric waveguide respectively, and k 0 is the 
free-space propagation constant. 



Rectangular image guide 



A rectangular image guide can be taken as a 
modification from the grounded dielectric slab by 
limiting the width of the slab. Figure 2.53 shows 
the configuration of an image guide whose axis is 
along the /-direction. The width of the dielectric 
is 2a while the height of the dielectric is b. 

The propagation constant of a surface wave on 
an image guide is also given by Eq. (2.236), where 
the value of k x is the solution of the following set 
of equations (Ishii 1995): 



tan (k x a) = k x 0 /k x 

k x = sAylko - k: 
k 2 — k 2 — k 2 

K x0 ~ K z *0 

= [SreOO - I J^o - k\ 



(2.241) 

(2.242) 

(2.243) 



£re(}0 = £r - (k y / k 0 ) 2 (2.244) 

and the value of k y is the solution of the following 
set of equations (Ishii 1995): 

tan (k y b) — s ie (x)k y o/k y (2.245) 

k] = eAx)kl - k 2 z (2.246) 

k 2 yQ = [sAx)~ Wkl-k] (2.247) 

£ re (x ) = £ r ~ (k x / k 0 ) 2 (2.248) 



Dielectric microstrip 

Figure 2.54 shows the geometry of a dielectric 
microstrip, which is a modified image guide with 
a dielectric slab inteiposed between a dielectric 
ridge and the grounding plane. In this structure, 
the dielectric constant of the ridge (e r2 ) is usually 
greater than that of the substrate (s T \). The fields 
are thus mostly confined to the area around the 
dielectric ridge, resulting in low attenuation. On 
the basis of this basic geometry, many variations 
can be made for different purposes. 




Figure 2.54 Geometry of dielectric microstrip 
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2.2A.4 Cylindrical dielectric waveguide with 



Figure 2.55(a) shows a cylindrical dielectric wave- 
guide whose cross section is a circle with radius 
a. The dielectric constant of the cylinder is e r i, 
and that of the environment is e r2 . In some cases, 
the dielectric cylinder is covered with a layer 
of another dielectric material, and such a struc- 
ture is often used in optical communications, 
and is usually called optical cable, as shown 
in Figure 2.55(b). For optical cables, usually the 
refraction index n — (e r ) 1/2 is used. Usually, the 
refraction index of the core n\ is larger than 
that of the cover n 2 . Both dielectric cylinders 
and optical cables can support surface waves. As 
electromagnetic fields decay quickly in the cover 
layer along the r-direction, if the cover layer is 
thick enough, the fields outside the cover can be 
neglected and we can assume that the cover layer 
has infinite thickness. Therefore, for the propa- 
gation of surface waves, optical cables shown in 
Figure 2.55(b) can be taken as a dielectric cylinder 
shown in Figure 2.55(a). In the following discus- 
sion, we concentrate on the surface waves propa- 
gating along a dielectric cylinder. 

As shown in Figure 2.55(a), we assume that the 
axis of the dielectric cylinder is along the z-axis, 
and the propagation factor of electromagnetic wave 
along the z-direction is exp(—j/lz). The longitudi- 
nal field components E z (r, <p) and li-(r, <p) satisfy 
the following equation: 



dr 2 



(E Z H Z ) + 



1 9 

r dr 



( e z h z ) + 



1 d 2 
r 2 di p 2 



( E z H : ) 



+ k 2 {E z H z ) = 0 (2.249) 




Figure 2.55 Cylindrical surface waveguides, (a) Di- 
electric cylinder and (b) optical cable 



k 2 = n 2 k 2 -f> 2 = h 2 



lC c = n\kl — f 2 — —p 2 ( r > a) 



* 2*0 
n i — rj f-ri 



(r < a) 
(r > a) 

a = 1,2) 



By assuming 

( E Z H Z ) = (AB)R(rm<p), 
from Eq. (2.249), we can get 
d 2 <h 



,d -R 

dr 2 



d R 



dcp : 



+ r f (h 2 r 2 — n z )R = 0 (r < a) 



+ n = 0 



dr 



(2.250) 

(2.251) 

(2.252) 

(2.253) 

(2.254) 



(2.255) 



z d 2 R d R , , , 

r 2 — y + r- (p~r~ +n~)R — 0 (r > a) 

dr (2.256) 

Equations (2.254)-(2.256) indicate that the lon- 
gitudinal field components are in the following 
forms: 



E- = A n J„ (hr) exp(j n<p) exp(-jjSz) (r < a) 

(2.257) 

H z = B„J n (hr) exp(pup) exp(— j/lz) (r < a ) 

(2.258) 

E z = C n K n (pr) expQntp) exp(— j^z) (r > a) 

(2.259) 

H z = D n K n (pr ) exp(j tup) exp(-j^z) (r > a), 

(2.260) 

where A„ , B n , C„ , and D„ are amplitude constants, 
J n (hr) is the first type Bessel function, and K n (pr) 
is the second type modified Bessel function. 
According to wave propagation equations, we can 
get the transverse field components ( E r , E v , H r , 
and H v ) from the longitudinal field components 
(E- and H z ). 

According to the boundary conditions at r — a, 
we can determine the relative amplitudes of the 
field components and get the eigenvalue equation: 



kfJn(ui) 

U\ J n (u\) 



+ 



k\K' n (U2)- 
u 2 K n (u 2 ) 



J,'M i) 

_U{J n (U\) 



K(uD 
u 2 K n (u 2 ) 



.,2 o 2 

— n p 




(2.261) 
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where 

k f — cos r i So /Xq (i = 1,2) (2.262) 

and the two parameters (u i = ha and 112 — pa) 
satisfy the following equation: 

u 2 + pt\ — (/?[ — n\)(k{)a) 2 (2.263) 



X 



c,0 i — 



2 na 




vo i 



(2.266) 



where uo, (i — 1, 2, 3, . . .) is the root of zero order 
Bessel function. TM 0 i and TE 0 i modes have the 
longest cutoff wavelength: 



From Eqs. (2.261) and (2.263), we can calculate 
the values of u 1 and u 2 from which we can further 
get the values of h, p, and fi. The results obtained 
are related to the value of n. 

For Eq. (2.261), when n — 0, the right-hand side 
vanishes, and one of the two factors should be 
equal to zero. Actually, the two factors are the 
eigenvalue equations for the axially symmetric TM 
and TE modes, respectively: 



*W“i) + -2 



k 2 K'(u 2 ) 



II ] J Hi ( // 1 ) 

J>l) 



+ 



u 2 K„(u 2 ) 

k;au 2 ) 



U\Jn(ll\) U 2 K„{U 2 ) 



= 0 



= 0 



(TM modes) 

(2.264) 

(TE modes) 

(2.265) 



TM 0 , and TE 0 , modes are degenerate, and their 
cutoff wavelength is given by 



^■e.01 = 



2 na 




2.405 



(2.267) 



It should be indicated that pure TM or TE modes 
are possible only if the field is independent of the 
angular coordinate (« = 0). As the radius of the rod 
increases, the number of TM and TE modes also 
increases. When the field depends on the angular 
coordinate (n ^ 0), pure TM or TE modes no 
longer exist. All modes with angular dependence 
are a combination of a TM and a TE mode, and are 
classified as hybrid EH or HE modes, depending 
on whether the TM or TE mode predominates, 
respectively. For hybrid EH,„ and HE,,, modes, 
the solutions for Eq. (2.261) are quite complicated, 
and usually numerical methods are needed. 




2 a/X 0 

Figure 2.56 Ratio of fi to k 0 for the first three surface-wave modes on a polystyrene rod with e r = 2.56 (Collin 
1991, p722). Source: Collin. R. E. (1991). Field Theory of Guided Waves, 2 nd ed., IEEE Press, Piscataway, NJ, 
1991. © 2003 IEEE 
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All the hybrid modes (n f 0), with the exception 
of the HE, i mode, exhibit cutoff phenomena 
similar to those of the axially symmetric modes. 
For n — 1, the cutoff condition for HEj, mode 
is J[(ui)—0, and the cutoff wavelength for 
HEn is infinity. Since the HEu mode has no 
low-frequency cutoff, it is the dominant mode. 
Figure 2.56 shows the relationship between and 
An of the three lowest surface wave modes (HEn, 
TMoi, TE 0 i) of a polystyrene rod in air. It is clear 
that if the diameter of the rod is less than 0.6 1 3 aq, 
only the HEn mode can propagate. 

Figure 2.57 shows the field distribution of HEn 
mode. The held distribution of HEn mode is 
quite similar to that of TEn mode in a circular 
waveguide. So the HEn mode of a dielectric rod 
can be excited using a circular waveguide, as 
shown in Figure 2.58. 

As shown in Figure 2.59, if we place an 
infinitely large ideal conducting plane at the 
center of the dielectric cylinder, as the electric 
held is perpendicular to the conducting plane, 
the held distribution is not affected. So we can 




Figure 2.57 Field distribution of HEn mode 



move away the half below the conducting plane, 
and such a structure is usually called cylindrical 
image guide. As the electromagnetic energy is 
concentrated on the space close to the dielectric 
material, such structure does not require very wide 
conducting plane. In practical applications, the 
conducting plane is also used as a support to the 
image guide. 

2.2. 4. 5 Coaxial surface-wave transmission 
structure 

As shown in Figure 2.60, a conducting cylinder 
covered with a dielectric layer can also support 
surface waves. Among the possible propagation 
modes, the TMoi one has no low-frequency cutoff. 
Coaxial surface-wave structures have the advan- 
tage that Maxwell’s equations for the structures 
can be solved rigorously. Usually, a perfectly con- 
ducting cylinder and a lossless dielectric coating 
are assumed. 

In a cylindrical coordinate system, if we 
assume longitudinal held components in the form 
G(r,(p) — R(r) expQvcp), we have the following 
differential equation (Marincic et al. 1986): 

R = 0 
(2.268) 

Equation (2.268) has to be solved in two regions: 
the dielectric region and the outer space. In the 
dielectric region, e r is the relative permittivity of 
the dielectric, while in the outer region e r = 1 . 



d z R Id R ( , , v 2 

d^ + r'd^ + \ £tk °-^-^ 




Figure 2.58 Excitation of HEn mode surface wave on a dielectric cylinder by a circular waveguide in TEn 
mode (Musil and Zacek 1986). Reprinted from Musil, J. and Zacek, F. (1986). Microwave Measurements of Complex 
Permittivity by Free Space Methods and Their Applications with permission from Elsevier, Amsterdam 
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Figure 2.60 Cross section of a coaxial surface-wave 
guide 

The solutions for Eq. (2.268) are either Bessel 
functions of the first and second kind, J,(x) and 
Y v (x), or modified Bessel functions of the first and 
second kind, I v (x) and K v (x). The selection of 
solutions depends on the sign of (k[ t e r — /l 2 ). If this 
term is positive, the solutions are Bessel functions 
of the first and second kind. In the opposite case, 
the solutions are the modified Bessel functions. 

It can be shown that the phase coefficient p must 
lie between the limits (Marincic et al. 1986): 

1 < P/ko < Vg (2-269) 

Here, we introduce following two parameters u 
and w. 

u 2 = £ 2 e r - p 2 (2.270) 

w 2 = p 2 - k 2 0 (2.271) 

If p satisfies Eq. (2.269), the parameters u and w 
are real. 

It can be shown that (Collin 1991) the charac- 
teristic equation for TM modes is 

u Jo(ua)Yo(ub) — Yo(ua)Jo(ub ) wKo(wb) 

s r Yo(ua)Ji(ub) — Jo(ua)Y\(ub ) K[(wb) 

(2.272) 



and the characteristic equation for TE modes is: 

J[(ua)Y 0 (ub ) — Y\(ua)Jo(ub) wK 0 (wb) 

—u = 

J\{ua)Y\{ub) — Y\(ua)J\(ub) K[(wb) 

(2.273) 

Equation (2.272) gives a solution for the wave 
that has no low-frequency cutoff, and in fact it 
represents the eigenvalue equation for the TMo m 
modes. The lowest-order mode is TMoi, which 
closely resembles coaxial line TEM mode in the 
dielectric region. This type of wave is known 
as the Sommerfeld-Goubau wave (Goubau 1950). 
Equation (2.273) is the eigenvalue equation for the 
TEo„, modes. I f v ^ 0, the boundary conditions for 
TE or TM modes cannot be satisfied, while those 
for hybrid HE and EH modes can be satisfied. The 
TE 0 ,„ and all hybrid modes have low-frequency 
cutoff. 

Usually, TMqi mode is the prime mode. The 



field components of TMoi mode in the dielectric 
and free-space region are (Marincic et al. 1986) 


E^r) = 0, H r (r) = 0 


(2.274) 


In the dielectric region (a < r < b) 




E z (r) = AJo(ur) + BYo(ur) 


(2.275) 


E r (r) = ]-[AMur) + BY^ur)] 
u 


(2.276) 


H<p(r) = y—^-[AJi(ur) + BY\{ur)] 
u 


(2.277) 


In the free space region (r > b) 




E z (r ) = CK 0 (wr) 


(2.278) 


E r (r ) = -) — CKi(wr) 
w 


(2.279) 


H(p(r ) = -j— CKi(wr) 

IJU 


(2.280) 



The constants A, B , and C satisfy the following 
relations: 



B = -A[J 0 (ua)/Y 0 (ua)] (2.281) 

c A Jo(ub)Y 0 (ua) - Jo(ua)Y 0 (ub) 
Ko(vub)Yo(ua) 

The surface waves on a coaxial surface waveguide 
are usually launched and received using horns. 
Figure 2.61 shows an example for launching 
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Figure 2.61 Launching of surface waves on a coaxial surface waveguide. Modified from Friedman, M. and 
Fernsler, R. F. (2001). “Low-loss RF transport over long distance”, IEEE Transactions on Microwave Theory and 
Techniques , 49 (2), 341-348. © 2003 IEEE 



surface waves on a coaxial surface waveguide 
(Friedman and Fernsler 2001). 

In the design of a coaxial surface waveguide, it 
is important to know the radius that determines the 
contour through which a certain specified amount 
of power is transmitted. Another important factor is 
the cross section through which a certain specified 
amount of power is transmitted. Discussions on 
these two issues can be found in (Marincic et al. 
1986). 

2.2.5 Free space 

Free space is an important wave transmission 
scheme in communication and materials research. 
In radar and satellite communication, electromag- 
netic waves propagate through free-space. In mate- 
rials property characterization, free-space provides 
much flexibility in studying electromagnetic mate- 
rials under different conditions. In this section, we 
first introduce antennas as transitions from guided 
lines to free-space, and then we discuss two types 
of electromagnetic waves in free-space: parallel 
electromagnetic beams and focused electromag- 
netic beams. 

2.2.5. 1 Antenna as transition 

Antennas are designed to efficiently radiate elec- 
tromagnetic energy into free-space, while transmis- 
sion lines are designed to efficiently transport the 



energy from one point to another without signifi- 
cant loss or dispersion. As shown in Figure 2.62, 
antennas can be taken as a transition from a trans- 
mission line to free space. In actual applications, a 
piece of transmission line is used to transport elec- 
tromagnetic energy from the signal source to the 
antenna, or from the antenna to the receiver. So 
antennas can be classified into transmitting anten- 
nas and receiving antennas. Sometimes, an antenna 
is used as both transmitting and receiving antenna. 




Figure 2.62 Antenna as a transition device, (a) Source, 
(b) transmission line, (c) antenna, and (d) radiated 
free-space wave (Balanis 1997). Source: Balanis, C. 
A. (1997), Antenna Theory: Analysis and Design , John 
Wiley, New York 
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(a) (b) (c) 

Figure 2.63 Configurations of typical aperture antennas, (a) Rectangular waveguide, (b) pyramidal horn, and (c) 
conical horn (Balanis 1997). Source: Balanis, C. A. (1997), Antenna Theory: Analysis and Design, John Wiley, 
New York 



Figure 2.63 shows three types of aperture anten- 
nas often used in microwave electronics and the 
characterization of electromagnetic materials. An 
open-end hollow pipe, such as rectangular waveg- 
uide, can be taken as an antenna, and such antennas 
can be used in materials property measurement 
using reflection method. In materials characteriza- 
tion, pyramidal horn and conical horn are often 
used in reflection and transmission measurements 
in free-space. Besides, antennas sometimes are 
covered with a dielectric material to protect them 
from hazardous conditions of the environment. In 
addition, as will be discussed later, sometimes 
dielectric lens is used to control the beam shape. 

For the characterization of electromagnetic 
properties of materials, important electromagnetic 
parameters describing antennas mainly include 
polarization, radiation pattern, power gain, band- 
width, and reciprocity. In the following, we make 
a brief discussion on these parameters, and detailed 
discussions on them can be found in (Balanis 
1997; Connor 1989; Wait 1986). 

Generally speaking, the electromagnetic wave 
radiated from an antenna is in elliptical polar- 
ization. Linear and circular polarizations are two 
special cases of the general form of elliptical polar- 
ization. In experiments, linear polarizations are 
further classified into vertical or horizontal polar- 
izations. Circular polarization can be taken as a 
combination of vertical and horizontal polariza- 
tions. In materials property characterization, elec- 
tromagnetic waves are usually linearly polarized 
though other types of polarization may be used for 
specific purposes on occasions. For example, in the 
measurement of chirality, which will be discussed 



in Chapter 10, circularly polarized electromagnetic 
waves are often used. 

Radiation pattern is one of the most impor- 
tant properties of an antenna. For a transmitting 
antenna, the pattern is a graphical plot of the power 
or field strength radiated by the antenna in differ- 
ent angular directions. Based on the principle of 
reciprocity, the transmitting and receiving radiation 
patterns of a given antenna are the same. Omnidi- 
rectional and pencil-beam patterns are two typi- 
cal polar patterns. In an omnidirectional pattern, 
the antenna radiates or receives energy equally in 
all directions, while in a pencil-beam pattern, the 
antenna radiates or receives energy mainly in one 
direction. A typical pencil-beam pattern consists of 
a main lobe and a number of side lobes. The level 
of the side lobes in a pencil-beam pattern must be 
kept to a minimum as the energy in the side lobes is 
wasted when the antenna is transmitting radiations 
and the side lobes can pick up noise and interfer- 
ence when the antenna is receiving radiations. 

Two gain parameters are related to the radiation 
pattern: power gain and directive gain. Power gain 
G is normally defined in the direction of maximum 
radiation per unit area as 

G — — , (2.283) 

Pq 

where P is the power radiated by the antenna under 
study, while Pq is the power radiated by a reference 
antenna. A reference antenna usually is assumed 
to be lossless and radiates equally in all directions. 
The power gain G is expressed as a pure number 
or in dB. Equation (2.283) assumes that the input 
power to the given antenna is the same as the input 
power to the reference antenna. 
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If the antenna is lossless, its directive gain D is 
defined by 

D = (2.284) 

^ave 

where ,P max is the maximum power radiated per 
unit solid angle, while / J ave is the average power 
radiated per unit solid angle. From their definitions, 
G is slightly less than D. 

Working bandwidth is also an important param- 
eter describing an antenna. Three expressions for 
the working frequency band are often used. For 
an antenna with the lowest working frequency f\ 
and the highest working frequency f 2 , the absolute 
bandwidth of the antenna is 



A f = fi- /i 



The relative bandwidth is 

A / = 0 h - /l 
/ fl + fl 



(2.285) 



(2.286) 



The bandwidth ratio is expressed as: f 2 : f\. 

Reciprocity is another important consideration in 
selecting antennas for communication and materi- 
als characterization. The properties of a transmit- 
ting antenna are very similar to those of a receiving 
antenna because of the theorem of reciprocity. It 
is often assumed that the antenna parameters, such 
as polar power gain and bandwidth, are the same 
whenever the antenna is used for transmitting or 
receiving electromagnetic waves. 



2.2. 5.2 Parallel microwave beam 

The control of the beam shape is important for 
microwave communication and materials property 
characterization (Musil and Zacek 1986). In free- 
space measurements, the sample under test is often 
put between the transmitting and receiving anten- 
nas. In the development of the algorithms for 
materials property characterization, we assume that 
all the energy of the plane electromagnetic wave 
interacts with the sample, and the sample is infi- 
nite in the direction perpendicular to the direc- 
tion of wave propagation so that the diffractions 



by the edges of the sample are negligible. How- 
ever, in actual experiments, the dimensions of sam- 
ples are limited. In some cases, we need to mea- 
sure samples with small transverse dimensions, for 
example, in the order of a few centimeters. There- 
fore, to achieve accurate measurement results, we 
should control the transverse cross section of the 
beam. To ensure that the algorithm is applica- 
ble for practical measurements, following require- 
ments should be satisfied: 

D»h»k 0 , (2.287) 

where D stands for the transverse dimensions of 
the plate or specimen, h denotes the transverse 
dimensions of the probing beam, Ao is the wave- 
length of the electromagnetic wave. 

To satisfy the requirements of Eq. (2.287), two 
kinds of microwave beams are often used: parallel 
microwave beams and focused microwave beams. 
As shown in Figure 2.64, a parallel microwave 
beam can be achieved by using specially designed 
lenses or reflectors. The function of the lens 
and the reflector is to transform the spheri- 
cal wave from a point-source feed to a plane 
wave. 

Though a lens and a reflector may have the 
same functions in producing parallel beams, the 
positions of the point-source feeds for a lens and a 
reflector are different. As shown in Figure 2.64, 
the point-source feed for a lens is located on 
one side of the lens and the generated plane 
wave emerges from the other side of the lens, 
while for a reflector system, the point-source feed 
and the generated plane wave lie on the same 
side of a reflector. As the point-source feed is 
placed at the region for the outgoing wave, the 
output parallel beam is disturbed by the source 
feed. So in materials property characterization, 
we often use plane waves generated by dielectric 
lenses. However, in some special cases such as 
the measurement of radar cross section (RCS), as 
the object to be measured is large, the required 
parallel beam should also be large. As it is 
impractical to build a very large lens, usually 
reflectors are used to produce parallel beams, 
and the perturbation of the source feed can be 
minimized by proper arrangement of the source 
feed and the reflector. 
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Lens Plane wave Reflector Plane wave 





Figure 2.64 The generation of a parallel microwave beam by means of (a) a lens and (b) a reflector. Source: 
Musil, J. and Zacek, F. ( 1986). Microwave Measurements of Complex Permittivity by Free Space Methods and Their 
Applications, Elsevier, Amsterdam 




Figure 2.65 Parameters describing a focused microwave beam. Source: Musil, J. and Zacek, F. (1986). Microwave 
Measurements of Complex Permittivity by Free Space Methods and Their Applications, Elsevier, Amsterdam 



It should be noted that the focus length / of a 
lens or a reflector may be different for different 
frequencies. If we want to generate parallel beams 
using the configurations shown in Figure 2.64 at 
frequencies far separated, it may be necessary to 
adjust the position of the source feed for different 
frequencies. 

2.2.53 Focused microwave beam 

For the characterization of small samples, focused 
microwave beams are often required. A focused 
microwave beam can be produced by focusing 
microwave energy transmitted from an antenna 



into a focus point, and its geometry is determined 
by the spatial distribution of the electric field 
strength in the beam (Musil and Zacek 1986). 
As shown in Figure 2.65, a focused microwave 
beam is usually described by three parameters: 
focus distance / that determines the position of 
the focal plane (z = 0), beam width ho at the 
focal plane, and beam depth that is the distance 
between the two planes (z = z\) and (z = z 2 ), 
where the beam width increases by 50 % compared 
to the beam width at the focal plane (z = 0). 
It should be noted that the magnitudes used in 
defining these parameters are determined at a 
certain level of field intensity with respect to the 
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field intensity on the axis of the focused beam. 
The beam width increases with the decrease of the 
field strength level at which we determine the beam 
width. 

Beam width determines minimum transverse 
dimensions a specimen should have. If the sam- 
ples have large transverse dimensions, the beam 
width determines the spatial resolution for the 
measurement of local inhomogeneities. Generally 
speaking, a system with smaller wavelength Ao, 
smaller focus distance Z, and larger radius of the 
lens aperture has smaller beam width. The small- 
est beam width that can be obtained in practice at 
a level of — 10 dB is approximately 1.5k 0 (Muzil 
1986). 

The phase distribution in a focused microwave 
beam is also important for materials property 
characterization using focused microwave beams. 
In the place near the focal plane z = 0, the 
electromagnetic field can be taken as a plane 
wave. So we use focused microwave beams in 
nonresonant methods; we should ensure that the 
sample under test is placed close to the focal plane 
(z = 0). Therefore beams with larger depths are 
favorable. 

In summary, for materials characterization, we 
hope to have minimum beam-width and meanwhile 
a maximum beam depth. Practical configurations 
using focused microwave beams in materials 
property characterization will be given in later 
chapters. 

2.3 MICROWAVE RESONANCE 

2.3.1 Introduction 

The resonant methods for materials property char- 
acterization are based on microwave resonance. 
Generally speaking, there are two kinds of reso- 
nant structures: transmission type, which is made 
from transmission structures, and non-transmission 
type, such as ring resonators and sphere resonators. 
In the following discussions, we focus on trans- 
mission type resonators, such as rectangular res- 
onator, cylindrical resonator, coaxial resonator, and 
microstrip resonator. 

Similar to microwave transmission, microwave 
resonance can be studied in both field approach 



and line approach. After introducing the basic 
parameters describing a resonator, we use equiva- 
lent circuits to analyze the general properties of 
microwave resonance, then we discuss the field 
distributions of several types of resonators often 
used in materials characterization, including coax- 
ial resonators, planar-circuit resonators, waveguide 
resonators, dielectric resonators, and open res- 
onators. 



23.1.1 Resonan t frequency and quality factor 

Resonance is related to energy exchange, and 
electromagnetic resonance can be taken as a 
phenomenon when electric energy and magnetic 
energy can periodically change totally from one 
to the other. If the resonance is lossless, the sum 
of electric energy and magnetic energy does not 
change with time: 

W e (f) + W m (t) = Wo (2.288) 

Resonant frequency is the frequency when the 
electric energy can be totally changed to magnetic 
frequency, and vice versa. Resonant frequency f 0 
is the most important parameter for a resonator. 
The electric energy and magnetic energy can 
be calculated from the field distributions in the 
resonator. The electromagnetic field distribution 
and the resonant frequency can be found by 
solving the wave functions with certain boundary 
conditions: 

V 2 E + k 1 E = 0 (2.289) 

V 2 H + k 2 H = 0, (2.290) 

where k 2 = or e/r, and e and /i are the permittivity 
and permeability of the medium in the resonator. 
For an ideal lossless resonator, k is a series of 
discrete real numbers k\,k 2 ,..., and they are 
called the eigenvalues of Eqs. (2.289) and (2.290). 
The resonant frequencies can be calculated from 
the eigenvalues: 

fi = ^-ki 0 = 1,2,...), (2.291) 

Z7T 

where c is the speed of light in free space. 
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Quality factor is defined as 

IT IT 

Qo — 2n =cvo — , (2.292) 

Pi T 0 V L ’ 

where W is the total energy storage in the cavity, 
P] is the average energy dissipation within the 
cavity, and Tq is the resonant period. At resonance, 
the total energy storage equals the maximum 
electric energy or maximum magnetic energy: 

W = We.max = ^ jjj \E\ 2 dV 

= f/// v \H\ 2 dV = W m , max (2.293) 

The above integration is made over the whole res- 
onator. 

Here we consider a hollow metallic cavity filled 
with a dielectric medium. If the medium within the 
cavity is lossless the energy dissipation power is 
caused by the cavity wall: 




The above integration is made over the whole 
cavity wall. The surface resistance of the cavity 
wall R s in Eq. (2.294) is given by: 



where P c is the energy dissipation due to conductor 
loss, Pa is the energy dissipation due to the 
dielectric loss, Goc and God are the quality 
factors of the resonator if we only consider the 
conductor loss and dielectric loss, respectively. If 
the conductivity of the dielectric medium within 
the cavity is er, we have 

Pd = fffv ]E]2dV (2 ' 298) 

So the value of Q 0d can be calculated from 




where s' is the dielectric constant of the medium 
in the cavity, a — coqS ", and tan S = e'/e". 

The relationship between the energy storage and 
energy dissipation can also be described by the 
attenuation parameter a, which is related to the 
attenuation rate of a resonator after the source is 
removed. By defining E = Eoe~ at , we have 

W = Wo&~ 2a \ (2.300) 



* s = 



cofiiS 

2 



(2.295) 



where /z i is the permeability of the conductor, <5 is 
the penetration depth of the conductor. According 
to Eqs. (2.292)-(2.295), we have 




(2.296) 



If we also consider the dielectric loss of the 
medium in the cavity, the value of Q 0 will be 
decreased: 



Go = 



o)q W o)q W 



Pc + Pd 

1 



[P c /(o) 0 W) + Pa/(o) 0 W)] 

1 



1/ Goc + 1/ God 



(2.297) 



where Wo is the energy storage when / = 0. So the 
energy dissipation is given by 



dW 

P L = = 2a W (2.301) 

dr 

From Eqs. (2.292) and (2.301), we can get 



_ Pl _ <A) 
a ~2W~2Q-Q 

From Eqs. (2.300) and (2.302), we have 
W = W 0 e Q° 



(2.302) 



(2.303) 



Equation (2.303) indicates that the higher the qual- 
ity factor, the slower the resonance attenuation. 



2. 3. 1.2 Equivalent circuits of resonant structure 

As shown in Figure 2.66, depending on the 
selection of reference plane, a resonator can be 
represented by a series equivalent circuit or a 
parallel equivalent circuit. If the reference plane 
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Figure 2.66 Equivalent RLC circuits for a resonator, (a) Series circuit and (b) parallel circuit 
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Figure 2.67 Frequency response of a resonator, (a) Parallel equivalent circuit of a resonator. The relationship 
between conductance G and resistance R is: G = l/R. (b) Characteristic frequencies on a resonant curve 



is chosen at a place where the electric field 
integration is zero (correspondingly the magnetic 
field integration there is the maximum), the 
resonator can be represented by a series RLC 
circuit, and if the reference plane is chosen 
at a plane where the electric field integration 
is the maximum (correspondingly the magnetic 
field integration there is zero), the resonator can 
be represented by a parallel RLC equivalent 
circuit. The following discussions focus on parallel 
equivalent circuits. 

As shown in Figure 2.67, when a current source 
is connected to the resonator, a voltage U is built 
across the resonator. The voltage U will change 
with the change of frequency: 



So we can get the resonant frequency: 

1 

&>o 



vTc 

From Eqs. (2.304)— (2.306), we can get 
1 1 



(2.306) 



U = 



G + )C[co - l/(o )LC)] G + jCAw 

(2.307) 



with 



Aw — 2(w — wo) 



(2.308) 



If Aw — ±G/C, the voltage amplitude decreases 
to 1/V2 of the maximum value: 



U = 



I 

G+)wC+ 1 /(jwL) 



(2.304) 



For a parallel circuit, the voltage reaches its highest 
value at resonance. From Eq. (2.304), we have 



I U(w)\ = 



\I\ 

s/2 G 



\U(w 0 )\ 

s/2 



From Eq. (2.309), we can get 



(2.309) 



j w 0 C + — — = 0 (2.305) 

}WqL 



U(w)U*(w) = ^U(w 0 )U*(w 0 ) (2.310) 
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As the energy dissipation at G is given by 



Pd 



1 



-UU*G, 



(2.311) 



it also decreases to half of the maximum value. 
Consider the average energy storage at the capac- 
itor and inductor: 



W e = -UU*C 
4 



W m = -I h I?L = -L 



U 

](dL 



1 



1 



(2.312) 



(— 

\)coL 



4 co 2 L 



UU* = - CUU * 






CtT 



(2.313) 



Equation (2.312) indicates that the energy storage 
at the capacitor decreases to half of its maximum 
value. As the frequency ( co ) is close to the 
resonant frequency (coq), Eq. (2.313) indicates that 
the energy storage at the inductor also decreases 
to half the value of its maximum value. 

The difference between two half-power frequen- 
cies («i — coq — G/(2C) and co\ = u> 0 + G/(2C)) 
is called the half-power bandwidth: 



G 

A CO = CO 2 — CO\ = — 



(2.314) 



Sometimes, the half power bandwidth is described 
as 




1 G 
2rr C 



(2.315) 



It is clear that the narrower the half-power 
bandwidth, the better the frequency selectivity of 
the resonator. 

The quality of the resonator can also be defined 
as 



coq C (1/2 )UU*C W 

Q = = COo — = COn = COq — 

^ A 00 G (1/2 )UU*G Pi 

(2.316) 

Comparing Eqs. (2.292) and (2.316) indicates 
that the two definitions are consistent, and in 
experiments, Eq. (2.316) is more often used. 

Equations (2.312) and (2.313) indicate that at 
resonant frequency, the electric field energy in the 



resonator equals the magnetic field energy in the 
resonator. 



1 

We = W m = -CUU* (2.317) 

Actually, Eq. (2.317) can be used as a criteria to 
determine the resonant frequency of a resonator. 
For a parallel equivalent circuit, if the working 
frequency is higher than the resonant frequency 
(co > co 0 ), the electric field energy is larger than 
the magnetic field energy; if the working frequency 
is lower than the resonant frequency (co < coq), 
the magnetic held energy is higher than the 
electric held energy. For a series equivalent circuit, 
contrary conclusions can be obtained. 



2. 3. 1.3 Coupling to external circuit 

An actual resonator is always coupled to external 
circuits. Through coupling, the source provides 
energy to the resonator, and such a procedure 
is usually called excitation. A resonator can 
also provide energy to an external load through 
coupling, and such a procedure is usually called 
loading. 

The coupling mechanisms often used generally 
fall into three categories: electrical coupling, mag- 
netic coupling, and mixed coupling. In electrical 
coupling, an electrical dipole, usually a coaxial 
needle made from the central conductor of a coax- 
ial line, is inserted into the place with maximum 
electric held. In magnetic coupling, a magnetic 
dipole, usually a coaxial loop made by connect- 
ing the central conductor to the outer conductor 
is often placed at the place with maximum mag- 
netic held. A typical example of mixed coupling 
is the coupling iris between a hollow cavity and 
a metallic waveguide. In the equivalent circuits, a 
coupling structure is often represented by a trans- 
former. 



Cavity coupled to one transmission line 

Figure 2.68 shows the equivalent circuits of a 
resonator coupled to a transmission line. As 
shown in Figure 2.68(b), if the position of the 
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reference plane T s is suitably chosen, the res- 
onator is represented by a parallel RLC cir- 
cuit, and the coupler is represented by an ideal 
transformer with transforming ratio (1 : n). As 
shown in Figure 2.68(c), the parallel RLC cir- 
cuit can be transformed to T s plane through the 
transformer: C' = n 2 C, If = Iff n 2 , and L' = 
L/n 2 . 

After the transformation, the resonant frequency 
and quality factor of the equivalent circuit do not 
change: 



° fUC' yj (L/n 2 )(n 2 C) 

Q'^co^C'R^cooi^ot^] 

\ n / 



1 

, = 0)0 

s/Tc 

(2.318) 

a) 0 CRp — Go 

(2.319) 
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Figure 2.68 A resonant cavity coupled to a transmis- 
sion line and its equivalent circuits, (a) A cavity coupled 
to a transmission line, (b) an equivalent circuit of the 
cavity with coupling structure and transmission line, (c) 
the equivalent circuit transformed to the T s plane, (d) 
normalized equivalent circuit 



The coupling coefficient f describes the relation- 
ship between the energy dissipation in the cavity 
Pd and the energy dissipation of the external circuit 
If, and indicates the extent to which the external 
circuit is coupled to the resonator: 



1 U 2 

= fe = 2 zT = _R^_ =K =r , 

~ Pd ~ 1 U 2 ~ n 2 z c ~ Z c “ ' p 

2 Rp/n 2 



(2.320) 

where U is voltage applied to the resonator. 
Equation (2.320) indicates that the coupling coef- 
ficient equals the normalized resonance resistance 
of the cavity transformed to the plane T s . At a crit- 
ical coupling state (p — 1), the energy dissipation 
of the external circuit equals the energy dissipa- 
tion in the cavity (P e = If). At an over-coupling 
state (p > 1), the energy dissipation of the exter- 
nal load is larger than the energy dissipation in 
the cavity (P e > If). At an under-coupling state 
(P < 1), the energy dissipation of the external load 
is less than the energy dissipation in the cavity 

(Pc < Pal 



The external quality factor of a resonator, 
coupled to an external circuit, describes the energy 
dissipation in the external circuit: 




(2.321) 



where W is the energy storage in the res- 
onator and P e is the energy dissipation in the 
external circuit coupled to the resonator. From 
Eqs. (2.297), (2.320), and (2.321), we can get 

Go 

P = ^ (2.322) 

So the coupling coefficient equals the ratio between 
the intrinsic quality factor and external quality 
factor of the resonator. 

In experiments, loaded quality factor Q L is often 
used: 

W 

Ql = co 0 —— (2.323) 

nj + r e 



The relationships between the loaded quality factor 
Gl- intrinsic quality factor Qo , external quality 
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Figure 2.69 (a) A resonator coupled to two transmission lines and (b) its equivalent circuit 



factor <2 e , and coupling coefficient ft are 



The coupling coefficients of the two couplers are 



Q l — Go — — r — Qe 
1 + ft 

1 _ i 1 

Qh Qo Qe 



ft 

l + ft 



Qq 7?p 

(2.324) ft x = (2.329) 

i 2e\ ft j Z c i 

(2-325) ft 2 = = -*L. (2.330) 

Qe 2 « 2 Z c 2 



Cavity coupled to two transmission lines 

Figure 2.69(a) shows a resonator coupled to two 
transmission lines. One transmission line is con- 
nected to a matching source and the other trans- 
mission line is connected to a matching load. The 
equivalent circuit of the resonator is shown in 
Figure 2.69(b), and the two transformers represent 
the two couplers. 

Using a similar method used in analyzing the 
cavity coupled to one transmission line, we can 
get the parameters describing the resonant and 
coupling properties of the resonator. The intrinsic 
quality factor Qo of the resonator is given by 

Go = uoCRp (2.326) 

The external quality factors for the two transmis- 
sion lines are 

Get = tooCn\Z c \ (2.327) 

Qe 2 = cooCn^Z^ (2.328) 



The loaded quality factor 

1 

Gl = COqC » » 

l/R P +l/(n\Z cl ) + l/(n 2 2 Z c2 ) 



1 

= Go 

l + fti+fti 

1 _ i l l 

Gl Go Gel Ge2 



(2.331) 

(2.332) 



Equations (2.331) and (2.332) are the extensions 
of Eqs. (2.324) and (2.325), respectively. We can 
analyze a resonator coupled to more transmission 
lines in a similar way, and similar conclusions can 
be drawn. 

In the following, we discuss several typical 
types of resonators, including coaxial resonators, 
planar circuit resonators, waveguide resonators, 
dielectric resonators, surface wave resonators, 
and open resonators. As will be discussed in 
Chapters 5 and 6, these resonators are often used 
in the characterization of materials properties 
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Figure 2.70 Three typical types of coaxial resonators, (a) Half-wavelength resonator, (b) quarter wavelength 
resonator, and (c) capacitor-loaded resonator 



using resonator methods and resonant-perturbation 
methods. 

2.3.2 Coaxial resonators 

Coaxial resonators are made from coaxial trans- 
mission lines. As shown in Figure 2.70, there 
are three typical types of coaxial resonators: 
half-wavelength resonator, quarter wavelength res- 
onator, and capacitor-loaded resonator. 

2.3.2. 1 Half -wavelength resonator 




Figure 2.71 Field distribution of a half-wavelength 
resonator (n = 1). The solid lines stand for electric 
fields. The dots stand for the magnetic fields coming 
out from the paper, while the crosses stand for magnetic 
held going into the paper 



As shown in Figure 2.70(a), a half-wavelength 
coaxial resonator is a segment of coaxial line 
with length l terminated at two ends. Usually, a 
coaxial resonator works at TEM mode. To avoid 
the possible resonance along <p direction, following 
requirements should be satisfied: 

n(a + b) < (2.333) 

where a and b are the radius of the inner and outer 
conductors respectively, and A mul is the shortest 
wavelength corresponding to the highest working 
frequency. 

The field distributions can be calculated accord- 
ing to the boundary conditions: 

2 J7 

E { — — j- — - sin/U (2.334) 

r 

2 J7 

Hu, — Yq — -cos /3z, (2.335) 

r 

where Eq = Vo/ In (b/a), Yq — (e//r) 1/2 , and f — 
nn/l (n = 1, 2, 3, . . .). As /? = 2tt/Xq, we can get 



the relationship between the resonant wavelength 
Xq and the length of the resonator /: 

/ = «y (2.336) 

Equation (2.336) indicates that the length of the 
resonator is integral times of the half wavelength, 
so such a resonator is called half-wavelength 
resonator , and its field distribution is shown in 
Figure 2.71. 

In microwave engineering, the waveform factor 
is often used, which is defined as: Qq8/Xq, where 
<5 is the penetration depth of the conductor. 
Waveform factor is only related to the geometry, 
size, and working mode of the resonator. The 
waveform factor of a half-wavelength resonator 
(n = I) is given by 



8 1 

Qo Tq = l 1 + (b/a) 
b In (b/a) 



(2.337) 
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It can be proven that when ( b/a ) = 3.6, the 
waveform factor has the highest value. The quality 
factor can be easily calculated from the waveform 
factor. 



23.2.2 Quarter-wavelength resonator 



The quality factor of a quarter-wavelength 
resonator can be calculated from the waveform 
factor, which is given by 



G °Ao 4 ' / 1 + (b/a) 

2b In (b/a) 



(2.339) 



As shown in Figure 2.70(b), in a quarter-wave- 
length resonator, one end is shorted, and the 
other end is open. As an open load also causes 
total reflection, pure standing wave is also built. 
According to the boundary conditions, we have: 
pi — (2n+l)n/2 (n — 0, 1, 2, . . .), so the relation- 
ship between the length of the resonator 1 and 
resonant wavelength A 0 is given by 

Z = (2n + 1)^ (« = 0,1,2,...) (2.338) 

Equation (2.338) indicates that the length of the 
resonator is odd number times of the quarter 
wavelength. The field distribution of a quarter- 
wavelength resonator is shown in Figure 2.72. 

In an actual structure, an open end has some 
radiation loss. To minimize the radiation loss, 
usually the outer conductor is extended, forming 
a segment of cutting-off TMoi circular waveguide. 
However, owing to the capacitance introduced by 
extending the outer conductor, the inner conductor 
is usually made a bit shorter than the quarter 
wavelength. 




Figure 2.72 The field distribution of quarter wave- 
length resonator ( n = 0). The solid lines stand for elec- 
tric fields. The dotes stand for the magnetic fields com- 
ing out from the paper, while the crosses stand for 
magnetic field going into the paper 



Similar to half-wavelength resonator, the wave- 
form factor has the highest value at (b/a) — 3.6. 



23.2.3 Capacitor-loaded resonator 

In a capacitor-loaded resonator, shown in Figure 
2.70(c), the two ends of the coaxial line are 
shorted, but at one end of the resonator, there 
is a small gap between the inner conductor and 
the short plate. As shown in Figure 2.73(a), the 
gap between the inner conductor and short plate 
is equivalent to a lumped capacitor, so such a 
resonator can be regarded as a hybrid resonator 
with both lumped and distributed elements. The 
field distribution of the basic mode is shown in 
Figure 2.73(b). At the gap between the inner con- 
ductor and the short plate, electric field dominates, 
and the magnetic field is very weak. 

The susceptance at plane A A' looking into the 

left is Bi — — cot (pi)/Z c , with ft = a>/c, where Z c 
is the characteristic impedance of the coaxial line 
and c is the speed of light. The susceptance Bn of 
the lumped capacitor Co is Bn — coCq. At resonance, 
B\ + Bn =0: therefore we have 

Z c coCo = cotO 61) (2.340) 



A l 




/ 



(a) (b) 

Figure 2.73 Capacitor-loaded resonator, (a) Equi- 
valent circuit and (b) field distribution 
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Figure 2.74 Graphical method for solving Eq. (2.340) 

Equation (2.340) can be solved by numerical 
method and graphical method. The graphical 
method is shown in Figure 2.74. We draw the 
graph BZ C — cotf/J/) and BZ C = Z c cuCo- Their 
crossing points are the solutions of Eq. (2.340), 
and each point corresponds to a resonant mode. 

23.2.4 Coupling to external circuit 

Coupling method is an important consideration 
in the design of resonators. Here we introduce 
magnetic coupling and electric coupling often used 
for coaxial resonators. 

Magnetic coupling 

Figure 2.75 shows a magnetic coupling by a co- 
axial loop often used in coaxial resonators. The 
loop is placed at the place where the magnetic 
field dominates, and usually the plane of the loop 




Figure 2.75 Excitation of a half-wavelength resonator 
using a magnetic coupling 




(a) (b) (c) 



Figure 2.76 Electric couplings, (a) Excitation of quar- 
ter-wavelength resonator using a needle dipole, 

(b) excitation of half-wavelength resonator, and (c) exci- 
tation of capacitor-loaded resonator. The small metal 
plates on the tips of the needles in (b) and (c) are used 
to increase the couplings 

is perpendicular to the magnetic held distribution 
of the mode. The loop is equivalent to a magnetic 
dipole, and the coupling can be adjusted by adjust- 
ing the orientation and position of the loop. 

Electric coupling 

As shown in Figure 2.76, electric coupling is 
often achieved by a needle made from the inner 
conductor of a coaxial line. The needle should be 
put at a place where electric held dominates, and 
the orientation of the needle should be parallel to 
the electric held. As shown in Figures 2.76(b) and 

(c) , adding a small metal plate on the tip of a 
coupling needle may increase the coupling. 

2.3.3 Planar-circuit resonators 

The planar circuits used in microwave electronics 
mainly include stripline, microstrip, and coplanar. 
As microstrip is most widely used in microwave 
integrated circuits, we concentrate our discussion 
on microstrip circuits, and similar conclusions can 
be obtained for other types of planar circuits. 
The application of planar resonators in materials 
characterization will be discussed in Chapter 7. 

In the following, we will make a brief discussion 
on the three types of microstrip resonators shown 
in Figure 2.77: straight ribbon resonator, ring 
resonator, and circular resonator. However, it 
should be noted that the equations given below are 
approximate and can only be used for estimation. 
To make accurate analysis, numerical methods are 
often required. 
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Figure 2.77 Three types of microstrip resonators: 
(a) straight ribbon resonator, (b) ring resonator, and 
(c) circular resonator 



2.3.3. 1 Straight ribbon resonator 

A straight ribbon resonator shown in Figure 2.77(a) 
is a segment of microstrip line with two open 
ends, and the relationship between the length of 
the microstrip line / and the resonant wavelength 
A g is given by 

l = n^j (n = 1,2,3,...) (2.341) 

In actual structures, the fields extend slightly 
beyond the ends of the microstrip line on both 
ends. The field effects can be represented by a 
grounding capacitor C en d at each end, and C en d can 
be transformed to a length of transmission line A/. 
So the resonant condition becomes 

/ + 2A/ = «^ (n= 1,2,3,...). (2.342) 

The values of C en d and A / can be calculated 
using some empirical equations, and can also be 
measured experimentally. 

Straight ribbon resonators are a type of transmis- 
sion type resonators made from their correspond- 
ing transmission line, microstrip. However, owing 
to the radiations at the two open ends, the quality 
factors of these types of resonators are usually not 
very high. 



2. 3. 3.2 Ring resonator 

A ring resonator shown in Figure 2.77(b) does not 
have open ends, so the radiation loss is greatly 
decreased. Usually, a ring resonator has higher 
quality factor than a straight ribbon resonator. 
Mainly due to its high quality factor, in mate- 
rials property characterization, the ring resonator 



method has higher accuracy and sensitivity than 
the straight ribbon resonator method. 

Most of the ring resonators work at TM„„,o, and 
the prime mode is TMno- The resonant condition 
for TM m io is 

n(ri + r 2 ) — mX g , (2.343) 

where r\ and r 2 are the inner and outer radius of the 
ring respectively. As A g = Ao/(£eff) 1 ' /2 , where e e ff 
is the effective dielectric constant of a microstrip 
line, we have 

A 0 = 7r(r ‘ +r2) V^ (2-344) 

m 

To avoid higher order modes, usually the dimen- 
sions of the ring resonator should satisfy the fol- 
lowing requirements: 

r 2 — r i 

< 0.05 (2.345) 

ri + r, 

2. 3. 3. 3 Circular resonator 

As shown in Figure 2.77(c), a circular resonator 
can be taken as a special case of a ring resonator 
when r 2 — 0. Its resonant modes are also TM m „ 0 , 
and the prime mode is TMno mode. 

As the structure of the circular resonator is quite 
simple, and has high quality factor, it is widely 
used as resonant element in microwave electronic 
circuits, and is also often used in materials property 
characterization. 

2. 3. 3. 4 Coupling to external circuit 

Here, we discuss the coupling methods for 
microstrip half-wavelength resonator, while the 
methods can be extended for other kinds of pla- 
nar resonators. More discussions on the coupling 
of planar circuits can be found in (Chang 1989). 

Figure 2.78 schematically shows three types of 
coupling methods for the half wavelength res- 
onators: capacitive coupling, parallel-line cou- 
pling, and tap coupling. In the following, we focus 
on the coupling mechanisms of these methods. 
However, it should be indicated that to get accurate 
knowledge about the coupling properties, numeri- 
cal simulations are often needed. 





Microwave Theory and Techniques for Materials Characterization 97 





1 r 1 


2 ! 











(a) 



® @ 


i 




S 




t 


© © 


L A 0 

1 0 





(b) 





(c) 



Figure 2.78 Three types of coupling methods, (a) Capacitive coupling, (b) parallel-line coupling, and (c) tap 
coupling (Chang 1989). Source: Chang, K. (1989). Handbook of Microwave and Optical Components, Vol. 1, John 
Wiley, New York 



As shown in Figure 2.78(a), capacitive coupling 
is achieved by the capacitance resulted from the 
fringing fields at the open ends of the resonator 
and the coupling port. The impedance of the cou- 
pling ports is usually chosen as the characteristic 
impedance of the external transmission line. The 
coupling coefficient is closely related to the width 
of the gap ( S ) between the open ends of the res- 
onator and the coupling port. Generally speaking, 
the coupling coefficient increases with the decrease 
of the gap. However, when the gap is very small, 
a small variation in the gap width may result in 
a large change in the coupling coefficient, so this 
method requires high fabrication accuracy. 

As shown in Figure 2.78(b), a parallel-line 
coupler consists of a coupled line of an electrical 
length 8 with two open ports (2 and 4). The port 
3 is connected to an open-circuited line of an 
electrical length (jt -6), forming the resonator, 
and the input port (port 1) is connected to a 
transmission line with characteristic impedance Z c . 
The coupling coefficient is mainly determined by 
the electrical length 8 and the spacing between the 
parallel lines S. Compared to capacitive coupling, 
coupled line coupling has more flexibility in 
adjusting the coupling coefficient. 

As shown in Figure 2.78(c), a tap coupling is 
achieved by directly connecting the coupling port 
to the resonator at an appropriate position. The 
coupling coefficient is mainly related to the electri- 
cal length 8 between the open end of the resonator 
and taping point. Theoretically, if the taping point 
is at the center of the resonator, the coefficient is 
zero because the center point is at the electric field 
node. The smaller the 8 value, the stronger the cou- 
pling. Theoretical analysis shows that the coupling 



coefficient is proportional to cos 2 8. In practical 
structures, to minimize the effects of the T-junction 
at the taping point to the resonant properties of 
the resonator, the input line is often tapered, or 
a quarter-wavelength transformer is used (Chang 
1989). 



2.3.4 Waveguide resonators 

Waveguide resonators are widely used in materials 
property characterization, especially in cavity per- 
turbation methods. A waveguide resonator is usu- 
ally made by shorting the two ends of a segment of 
waveguide. According to the types of waveguides 
from which the resonators are made, two kinds 
of waveguide resonators are often used: rectangu- 
lar cavity resonators and circular cavity resonators. 
Corresponding to the wave propagation modes in 
waveguides, resonant modes include TE and TM 
modes. 



2.3.4. 1 Rectangular cavity resonator 

Figure 2.79 shows a rectangular cavity resonator 
made from a rectangular waveguide by shorting the 
two ends. Its structural dimensions include width 
a, height h, and length c. For a rectangular cavity 
resonator, there are two groups of resonant modes 
(TE mnp and TM mnp ), which correspond to the TE„,„ 
and TM„„, propagation modes in a rectangular 
waveguide respectively. The first two subscripts 
m and n come from the wave propagation modes 
TE„,„ and TM,„„, and they represent the changing 
cycles along the x and y directions. The last 
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Figure 2.79 Structure of a rectangular cavity resonator 

subscript p represents the changing cycles along 
the z direction. 



TE resonant modes 




Figure 2.80 Field distribution of TEioi rectangular 
cavity 

A special resonant mode, TEioi mode is widely 
used in the characterization of electromagnetic 
materials. From Eqs. (2.346) — (2.352), we can get 
the field components of TEioi mode: 



On the basis of our discussions on TE propagation 
modes of rectangular waveguides and the boundary 
conditions, we can get the field distributions of the 
TE m „ p mode: 



with 
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The field distribution is shown in Figure 2.80. 

The resonant wavelength for TE mn/ , mode res- 
onator can be calculated: 




(2.357) 



So the resonant wavelength for TE 
given by 

2a c 



T-o — 



Va 2 + c 2 



101 



mode is 
(2.358) 



Equation (2.358) indicates that, if b is the shortest 
among the three sides (a, b, and c), TEioi mode 
has the largest resonant wavelength, so it is the 
lowest mode. 

It should be indicated that, for a rectangular 
cavity resonator with a = b, TE 10 i and TE 0 n are 
degenerate modes. They have the same resonant 
frequency and the field distribution pattern, but 
their fields are perpendicular to each other. As 
will be discussed in Chapter 11, these two degen- 
erate modes can be used in the measurement of 
microwave Hall effects. 
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The quality factor of the resonance can be 
estimated by (Ishii 1995) 
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So the waveform factor for TEioi mode is given by 
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TM resonant modes 



According to the properties of TM wave propaga- 
tion modes and the boundary conditions, we can 
get the field components of the TM,„„ ;) mode: 
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Figure 2.81 The field distribution of TM m mode 
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where k c can be calculated from Eq. (2.352). As an 
example, the field distribution of TMm is shown 
Figure 2.81. 

For TM m „ p mode, the resonant wavelength can 
be calculated from Eq. (2.357), and the waveform 
factor can be calculated according to following 
equation (Ishii 1995): 



8 abc 
a % = — 



0 2 /n\2 

+ (b ) 



ni\ 

+ a(b + 2c) y-J 



bi 
(2.367) 



TEioi/TMno mode 

As discussed earlier, a rectangular cavity working 
at TEioi mode can be made by shorting both ends 
of a segment of rectangular waveguide working 
at the TE 10 mode with length XJ2. As shown in 
Figure 2.82, if we change the coordinate system 
from xyz to XYZ, the TE 10 i mode in the xyz 
coordinate system becomes TMno mode in the 
XYZ coordinate system. For a rectangular cavity 
resonator, its TE or TM modes with zero subscripts 
can always be taken as TM or TE modes, 
respectively, in another coordinate system. 
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Figure 2.82 A TEjoi mode rectangular cavity in the 
xyz coordinate system can be taken as a TMno mode 
rectangular cavity in the XYZ coordinate system 

2. 3.4.2 Cylindrical cavity resonator 

Figure 2.83 shows a cylindrical cavity resonator 
made from a segment of circular waveguide by 
shorting the two ends. Cylindrical cavity res- 
onators usually have higher quality factors than 
corresponding rectangular resonators. The struc- 
tural parameters of a cylindrical cavity resonator 
include the radius a and the length l. The resonant 
modes of a cylindrical cavity resonator include 
TE „ ip and TM„; p , corresponding to TE,„ and TM,„ 
propagation modes in a cylindrical waveguide. The 
first two subscripts n and i come from the wave 
propagation modes TE„, and TM,„ , representing 
the changing cycles in ^-direction and r-direction 
respectively, and the subscript p represents the 
changing cycles in z-direction. 




Figure 2.83 Structure of a cylindrical cavity resonator 



TE resonant modes 

On the basis the boundary conditions, we can get 
the field components of the TE,„ ; , resonant modes 
in a cylindrical cavity with radius a and length I: 
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k c = — , (n = 0, 1,2, ...;i = 1,2,3, ...) 
a 

(2.374) 

It should be noted that p should be a positive 
integer. If p equals zero, all the field components 
in Eqs. (2.368)-(2.373) become zero. 

The resonant wavelength for a TE nip mode is 
given by 



l( dm \ 2 (PV 2 

\2na) \2l) 



(2.375) 



The waveform factor for a TE,„ ;) mode resonator 
can be calculated (Ishii 1995): 






(2.376) 
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Two TE modes are widely used in microwave 
engineering and materials property characteriza- 
tion: TEon and TEm. If l > 2.1a, TEm mode is 
the basic mode. From Eqs. (2.368)- (2.373), we 
can get the field components for TEm mode by 
letting n = 1,7 = 1, p = 1, and pt\\ = 1.841. The 
field distribution of TEm mode is schematically 
shown in Figure 2.84. As TEm mode has degener- 
ate modes with electric fields perpendicular to each 
other, this mode is often used in the measurement 
of microwave Hall effect. Detailed discussions on 
the measurement of microwave Hall effect can be 
found in Chapter 1 1 . 

From Eqs. (2.368)— (2.373), we can get the field 
components of TEon mode: 

cotta Z3.832 \ /tz \ 

E ‘ = - 2A J J k J '{— r ) sm (r) < 2J77 > 




Figure 2.85 Field distribution of TE 0 n mode 

high quality factor, and is often used in frequency 
meters. 




As shown in Figure 2.85, in a TE 0 n mode 
cavity resonator, all the electric fields are in in- 
direction. Near the sidewall, magnetic field is in 
2 -direction, and near the end wall, magnetic field is 
in r-direction. So all the electric currents are in in- 
direction, and there is no current flowing between 
the sidewall and end wall. Therefore this mode 
does not require good electric contact between the 
sidewall and end wall. This mode usually has very 




TM resonant modes 

According to the boundary conditions, we can get 
the field components of a TM„; p mode: 
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The resonant wavelength of a cylindrical cavity 
in TM„; p mode is given by 
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The waveform factor a TM,„p mode can be 
calculated from (Ishii 1995) 




The TMoio mode is often used in materials 
property characterization. By letting n = 0, I — 1, 
and p — 0, we can get the field distributions of 
TMoio mode from Eqs. (2.38 1)— (2.385): 
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The field distribution of TMoio mode is shown 
in Figure 2.86. As the electric field at the central 
part of the cavity is quite uniform, in the resonant- 
perturbation method for permittivity measurement, 
the dielectric sample under test is often placed at 
the central part of the cavity. 



Eq. (2.375) and (2.387) can be rewritten as 




Equation (2.392) can be further modified as 

(^ = (^)A ( f) ! (f) 2 , (2.393) 

where /o is the resonant frequency, c is the 
speed of light. So there are linear relationships 
between (2 afo) 2 and (2 all) 2 with the tangent 
(cpl 2) 2 and the cross value ( cu„i/n ) 2 . These lines 
form the mode chart, as shown in Figure 2.87. 

The mode chart can be used in the following 
three ways. First, if we know the diameter and 
resonant mode of the cavity, we can get the 
relationship between the resonant frequency and 
the length of the cavity. Second, if we know 
the diameter and the length of the cavity, we 
can obtain the resonant frequencies for different 
working modes. Third, we can build a working 
rectangular from which we can check whether the 



Mode chart 

In the design of cavity resonators, usually we 
should ensure cavities working in a single mode 
state. The mode chart is often used to check how 
many modes may exist in a cylindrical cavity. 

Mode chart is drawn on the basis of Eqs. (2.375) 
and (2.387). If we use u m to represent //,„ and v m . 




Figure 2.86 Field distribution of TM 0 io mode 




Figure 2.87 Resonant mode chart for a cylindrical 
cavity. Modified from Pozar, D. M. (1998). Microwave 
Engineering, 2 nd ed., John Wiley & Sons, Inc., New 
York 
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Table 2.5 Changes in resonant frequency due to materials perturbation and cavity 
shape perturbation. In the table, a > 0 is the resonant frequency before perturbation and a> 
is the resonant frequency after the perturbation 





Materials perturbation 


Cavity shape perturbation 


Metal 


Dielectric or 
magnetic materials 


Inward 


Outward 


Electric field 


CO < COo 


CO < COo 


CO < COo 


CO > COo 


dominates 




Or > 1) 






Magnetic field 


CO > COq 


CO < COo 


CO > COo 


CO < COo 


dominates 




(Mr > 1) 







cavity is in single-mode state. For a resonator with 
a given working mode, diameter (2a), and working 
frequency range (/ m in and / max ), there are two 
cross points between the resonant line and two 
horizontal lines (2 af min ) 2 and (2 af max ) 2 : (2a//)| nin 
and (2a//)f max . The two horizontal lines (2 af min ) 2 
and (2a/ ma x) 2 and two vertical lines (2 tf//)f min 
and (2c///)f max form a working rectangular. If there 
is no other resonant line in the working rectangular, 
the cavity works at a single mode state. 

If different resonant modes have the same 
resonant line, for example TE 0 n and TMm, these 
modes are degenerate. In the design of resonators, 
special methods are needed to eliminate degenerate 
modes, which will be discussed in later chapters. 

2.3.43 Resonant perturbation 

In some cases, the boundary conditions of a 
cavity may change slightly, or the properties of 
the medium in the cavity may change slightly. 
In materials property characterization, we may 
introduce a small sample into a resonant cavity. 
Such changes may result in small changes in the 
resonant frequency and quality factor of the cavity. 

The changes in resonant frequency and quality 
factor can be approximately obtained on the basis 
of the resonant-perturbation theory. Resonant- 
perturbation theory focuses on the change of 
the energy due to the perturbation, not the 
change of the electromagnetic field distribution. 
Some useful conclusions about the change of 
the resonant frequency due to different types 
of resonant perturbations are listed in Table 2.5. 
Further discussions on resonant perturbation can 
be found in Chapter 6. 



23.4.4 Coupling to external circuit 

Aperture coupling is often used for coupling 
between a waveguide and a cavity. Usually, the 
waveguide works at TEi 0 mode, whose magnetic 
field and electric current distribution is shown in 
Figure 2.88. The coupling is mainly based on the 
continuity of the magnetic field or electric current. 

Figure 2.89 shows two examples of the excita- 
tion of resonant cavities using a rectangular waveg- 
uide. In Figure 2.89(a), TM 0 io resonator is excited 
by the magnetic field, while in Figure 2.89(b), 
TEon resonator is excited by the current along the 
inside wall of the waveguide. 

2.3.5 Dielectric resonators 

Figure 2.90 shows several typical dielectric res- 
onators, including spherical dielectric resonator, 
cylindrical dielectric resonator, ring dielectric 
resonator, and rectangular dielectric resonator. 




Figure 2.88 Distributions of magnetic field and elec- 
tric current of a rectangular waveguide at TEi 0 mode 
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TM 010 circular 




(a) 




(b) 



Figure 2.89 Aperture coupling using rectangular waveguide, (a) Excitation of TM 0 io mode and (b) excitation of 
TEon mode 






Figure 2.90 Typical configurations of dielectric res- 
onators. (a) Sphere, (b) cylinder, (c) ring, and (d) rec- 
tangular 

Dielectric resonators also fall into transmission 
type, such as cylinder resonator and rectangu- 
lar resonator, and non-transmission type, such as 
sphere resonator. In the following discussion, we 
concentrate on transmission-type dielectric res- 
onators, especially the cylindrical dielectric res- 
onators. A transmission-type dielectric resonator is 
made from its corresponding dielectric waveguide, 
and a cylindrical dielectric resonator is actually a 
segment of cylindrical dielectric waveguide with 
two open ends. 



In a closed metallic cavity, all the electro- 
magnetic fields are confined within the space 
enclosed by the metallic cavity; however, there 
is field fringing or leakage from the boundaries 
of a dielectric resonator. The resonators shown 
in Figure 2.90 are isolated dielectric resonators 
without any support. Isolated dielectric resonators 
are convenient for theoretical analysis. However, 
in actual cases, dielectric resonators should be 
supported or shielded. Owing to field fringing and 
leakage, the support or shield affects the resonant 
properties of the dielectric resonator. Usually, a 
dielectric resonator with support or shield is called 
a shielded dielectric resonator. 

The dielectric permittivity e r of the dielectric 
material is an important parameter in determining 
the resonant properties of a dielectric resonator. For 
a given resonant frequency, the higher the dielectric 
constant, the smaller the dielectric resonator, and 
the microwave energy is more concentrated within 
the dielectric resonator and the effects of the exter- 
nal circuit to the dielectric resonator become less. 
For microwave dielectric resonators, the dielectric 
constant is usually in the range of 10-100. If the 
dielectric constant is very large, the dielectric res- 
onator becomes very small, and the fabrication of 
dielectric resonators becomes very difficult. There 
are a type of resonators working at whispering- 
gallery modes, which have relatively large sizes. 
Such resonators are often used in the characteriza- 
tion of high-dielectric-constant materials. 

In the following, we start with the resonant 
properties of isolated dielectric resonators, fol- 
lowed by the resonant properties of shielded 
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Figure 2.91 First three resonant frequencies versus lengths of a dielectric cylinder of constant diameter (Cohn 
1968). Source: Cohn, S. B. (1968). "Microwave bandpass filters containing high-Q dielectric resonators”, IEEE 
Transactions on Microwave Theory and Techniques , 16 (4), 218-227. © 2003 IEEE 

dielectric resonators. We then introduce the tech- 
niques for realizing the couplings between dielec- 
tric resonators and external circuits, and finally the 
resonant properties of whispering-gallery dielectric 
resonators will be discussed. 

2.3.5. 1 Isolated dielectric resonators 

Cylindrical dielectric resonators are widely used in 
microwave electronics and materials property char- 
acterizations. Exact analyses of cylindrical dielec- 
tric resonators are quite complicated, and approx- 
imation techniques and experimental methods are 
often used. Figure 2.91 shows some experimental 
results for the resonant frequencies of cylindrical 
dielectric resonators with same diameter but with 
different lengths. The curve labelled fi represents 
the TE mode with zero axial electric field, and the 
curve labelled f 2 represents the TM mode with zero 
axial magnetic field. 

In most cases, the length L of the dielectric 
resonator is chosen to be less than the diameter 
(D — 2a) of the dielectric resonator. In microwave 
electronics and materials characterization, the 
prime resonance of interest is usually the lowest 
order mode. From Figure 2.91, the lowest mode for 
cylinder dielectric resonator with L < D is TEoia 
mode, where the first two subscript integers denote 



the waveguide mode and <5 is the non-integer ratio 
2L/X S < 1. As shown in Figure 2.92, for a distant 
observer, this mode appears as a magnetic dipole, 
so this mode is also called magnetic dipole mode. 

For a given dielectric resonator, its accurate 
resonant frequency of TEoia mode can be calculated 
only by complicated numerical procedures. For an 
appropriate estimation of the resonant frequency 
of the isolated dielectric resonator, the following 
simple formula can be used (Kajfez and Guillon 
1986): 

34 /a \ 

f = — 7 = T + 3.45) (GHz), (2.394) 

af£ T yL 7 

where a and L are the radius and length of the 
dielectric resonator, e' is the dielectric constant of 
the material. In Eq. (2.394), the unit for frequency 
is GHz, and the unit for a and L is mm. The 
accuracy for Eq. (2.394) is about 2 % in the range 
of 0.5 < ( a/L ) < 2 and 30 < e' < 50. 

For the case with L greater than D, the 
prime mode has an equivalent magnetic dipole 
moment transverse to the axis, as shown in 

Figure 2.93 (Cohn 1968). Resonant properties for 
cylindrical resonators with L — D can be found 
in (Tsuji et al. 1984). 
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Figure 2.92 Prime mode (TE 0 u) of a cylindrical dielectric resonator with L < D. (a ) Dimensions of the resonator, 
(b) top view of the held distribution, and (c) three-dimensional view of magnetic field 




Figure 2.93 Prime mode of a cylindrical dielectric res- 
onator with L > D. (a) Dimensions of the resonator, 
(b) side view of the field distributions, (c) top view 
of the field distributions, and (d) A- A' cross view 
of the field distributions. Source: Cohn. S. B. (1968). 
"Microwave bandpass filters containing high-Q dielec- 
tric resonators”, IEEE Transactions on Microwave The- 
ory and Techniques , 16 (4), 218-227 © 2003 IEEE 



2. 3. 5.2 Shielded dielectric resonators 

In actual applications, dielectric resonators are 
often supported or enclosed by metal shields, and 
different ways of shielding may result in different 
resonant properties. In this part, we discuss sev- 
eral typical shielding methods, including parallel 
plates, asymmetrical parallel plates, cut-off waveg- 
uide, and closed shields. 



Parallel-plate dielectric resonator 

As shown in Figure 2.94, a parallel-plate dielec- 
tric resonator consists of an isotropic cylindrical 
dielectric between two parallel conducting plates 
perpendicular to the axis of the dielectric cylinder. 
It is a symmetrical structure, and in theoretical 
analysis of its TEoia mode, the following assump- 
tions are made. Firstly, the dielectric cylinder 
can be treated as a lossless cylindrical dielectric 
waveguide with length L excited in TE 0 i mode. 
Secondly, the z-dcpcndcncc of the z-component 
magnetic field ( H - ) for |z| > LI 2 can be described 
by sinh ct(L\ + (L/2) ± z). Thirdly, the cross- 
sectional field distribution of H z for |z| > (L/2) is 
the same as for the TE 0 i mode in cylindrical dielec- 
tric waveguide at the “cutoff’ frequency. We fol- 
low the method proposed by Pospieszalski (1979). 

We define the normalized resonant frequency F<y. 

it D 

F 0 =—V^, (2-395) 

Aq 



where An is the free-space wavelength correspond- 
ing to the resonant frequency /o, D is the diame- 
ter, and e r is the relative dielectric constant. From 
the first assumption, F 0 satisfies the following 
equations: 

Fq = (i U 2 + w 2 )^ni (2.396) 



J\ (») _ K { (w) 

uJ 0 (u ) wK 0 (w)' 



(2.397) 



where J„ is the Bessel function of the first kind 
of 77 th order and K n is the modified Hankel 
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function of nth order. The parameters w and u 
are defined by 




(2.398) 

(2.399) 



where fi is the propagation constant of the mode in 
cylindrical dielectric waveguide and a is the radius 
of dielectric cylinder. 

The second assumption indicates that a and fi 
satisfy the following transcendental equation: 

L 6 

cot/8— = — tanhaL|. (2.400) 
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According to the third assumption, a is given by 




where poi is the first root of Jq. From Eqs. (2.398)- 

(2.401), we can get 




(2.402) 

The normalized resonant frequency Fq can be 
computed from the set of Eqs. (2.396), (2.397) and 

(2.402) as a function of ( D/L ), (L\/L), and e r . 
Figure 2.95 shows the TE 0 is mode chart, which is 
often used in the design of cylindrical dielectric 
resonators. 

As will be discussed later, in materials property 
characterizations, usually the conducting plates 
directly shorts the dielectric resonator (L\ = 0). So 
the resonator is in TE 0 n mode, and it corresponds 
to the line (S) = 0) in Figure 2.95. 

Asymmetrical parallel-plate dielectric resonator 

Figure 2.96 shows an asymmetrical dielectric res- 
onator structure with parallel conducting plates. 



Figure 2.94 Parallel-plate dielectric resonator at TEoia 
mode, (a) Configuration of the resonator and (b) distri- 
bution of magnetic field H, along z-axis (Pospieszalski 
1979). Source: Pospieszalski, M. W. (1979). “Cylin- 
drical dielectric resonators and their applications in 
TEM line microwave circuits”, IEEE Transactions on 
Microwave Theory and Techniques, 27 (3), 233-238 © 
2003 IEEE 

The present structure can be regarded as modified 
from the one shown in Figure 2.94 by inserting a 
dielectric layer in one side of the cylindrical dielec- 
tric resonator, and the thickness values at the two 
sides are not equal. This structure is often used in 
microwave integrated circuits, and is also called 
microstrip dielectric resonator. 

On the basis of similar assumptions and with the 
similar analysis method, we can get (Pospieszalski 
1979) 




(2.403) 
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Figure 2.95 The TEou mode chart for cylindrical dielectric resonator between parallel plates (Pospieszalski 
1979). Source: Pospieszalski, M. W. (1979). “Cylindrical dielectric resonators and their applications in TEM line 
microwave circuits”, IEEE Transactions on Microwave Theory and Techniques, 27 (3), 233-238. © 2003 IEEE 




Figure 2.96 An asymmetrical parallel-plate dielectric 
resonator, (a) Configuration of the dielectric resonator 
and (b) distribution of magnetic field H z along c-axis 
for the TEou mode (Pospieszalski 1979). Source: 
Pospieszalski, M. W. (1979). “Cylindrical dielectric 
resonators and their applications in TEM line microwave 
circuits”, IEEE Transactions on Microwave Theoiy and 
Techniques, 27 (3), 233-238. © 2003 IEEE 



where e p is the relative dielectric constant of 
the dielectric layer (substrate). From the set of 
Eqs. (2.396), (2.397), and (2.403), Fq can be found 
as a function of ( D/L ), ( L\/L ), (Li/L), e r , and e p . 

There are approximate and straightforward 
equations for the design of this kind of dielec- 
tric resonators (Ishii 1995). To design a cylindrical 
dielectric resonator with resonant frequency /o, we 
should determine its diameter D and length L. The 
first step is to select D satisfying 



5.4 5.4 

y= < D < , 



(2.404) 



where ko — (eo/ro) 1/2 is the free-space propagation 
constant. The second step is to determine the length 
L according to Eq. (2.405): 
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Figure 2.97 Generalized normalized design curves for microstrip dielectric resonators (Chang 1989). Source: 
Chang, K. (1989). Handbook of Microwave and Optical Components, Vol. 1, John Wiley, New York 
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h = — - 2.405+ — 

D V 2.405(1 + 2.43/yo + 0.291y 0 )/ 

(2.409) 

.Vo = J(k (e r — 1) — 2.405 2 (2.410) 



Figure 2.97 shows a generalized normalized 
design curve for asymmetrical parallel-plate dielec- 
tric resonators. In the figure, X Q is the wavelength 
in free space, t is the height of the dielectric res- 
onator, R is the radius of the dielectric resonator, 
d is the distance of air gap between the dielec- 
tric resonator and metal plate, h is the thickness 
of the substrate, e r is the dielectric constant of 
the resonator, and e g is the dielectric constant of 
the substrate. Figure 2.97 shows the case when 
s, — 37.0 and s g = 2.1. There are two sets of 
curves. One set of curves are for the condition of 
( h/R — 0.2), and they are indicated by d/R = 0, 
0.25, 0.50, and oc respectively. Another set of 
curves are for the condition of (d/R — oo), and 
they are indicated by h/R — 0, 0.1, 0.2, and oo, 
respectively. 



C ' Vd 




Figure 2.98 Dielectric cylinder in magnetic-wall 
waveguide boundary. Source: Cohn, S. B. (1968). 
“Microwave bandpass filters containing high-Q dielec- 
tric resonators”, IEEE Transactions on Microwave The- 
ory and Techniques, 16 (4), 218-227. © 2003 IEEE 

Dielectric resonator in cutoff magnetic-wall 
waveguide 

Figure 2.98 shows a dielectric cylinder contained 
in a contiguous magnetic-wall waveguide. In the 
dielectric region, the waveguide is above its cutoff 
frequency, while in the air regions, the waveguide 
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is below the cut-off frequency. At resonance, 
a standing wave exists in the dielectric region, 
while exponentially attenuating waves exist in 
air regions. The equivalent circuit is a piece of 
transmission line with length L, terminated at both 
ends by reactance equal to the pure imaginary 
characteristic impedance of the cut-off air-filled 
waveguide. 

According to Cohn’s mode (Cohn 1968), we can 
get the field distributions for TEqu mode: 
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The upper sign in Eq. (2.414) applies at z = L/2 
and the lower at z — —L/2. The matching tangent 
helds at z — ±L/2 lead to 




a a 

Jd 



(2.418) 



This equation can be solved numerically for the 
resonant frequency. As o! a and j3 d should be real 
numbers, the possible frequency range is from f\ 
to f 2 , where 



P oi c 

a 2 n s fiT r 



(2.419) 




Figure 2.99 Semispherical dielectric resonator in a 
semispherical metal cavity 

Dm c 

fi = — - — (2.420) 

a 2n 

Because of the magnetic-wall waveguide, the 
resonant frequency of this configuration is about 
10% lower than those of an isolated dielectric 
resonator and a parallel-plate dielectric resonator 
with same dimensions and dielectric constant. 



Dielectric resonator in closed metal shields 

Dielectric resonators can be enclosed in closed 
metal shields, and the study of the resonant 
properties of such resonant structures is important 
for the design of dielectric resonators and materials 
property characterization. 

A spherical dielectric resonator enclosed in a 
metal sphere is often used in studying the effects 
of a metal shield to the resonant properties of a 
resonator, because the space between the dielectric 
resonator and the shield can be described by one 
parameter: radius. Imai and Yamamoto studied 
the resonant properties a semi-spherical dielectric 
resonator in a semi-spherical conductive shield, as 
shown in Figure 2.99 (Imai and Yamamoto 1984). 
The properties of a semi-spherical resonator at 
TEon mode are similar with those for TE 0 2 i 
spherical resonator. One advantage of using a 
semi-spherical dielectric resonator is that the 
ground conductor is also a support to the dielectric 
resonator, and no other support is needed. 
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In Figure 2.99, the radius of the dielectric res- 
onator is R i, and that of the metal sphere is AS. 
When AS gradually increases while R\ keeps con- 
stant, the change of the resonant frequency of the 
resonant structure is shown in Figure 2.100. In 
region a, AS is slightly larger than R \ , and the 
resonant frequency changes rapidly as a function 
of R 2 . When AS is approaching /?, , the resonant 
frequency approaches that of a cavity fully filled 
with a dielectric material. In region b, the resonant 
frequency is almost independent of AS. In region 
c, the resonant frequency again changes as a func- 
tion of R 2 . When R 2 is much larger than R \ , the 
resonant structure can be taken as a semi-spherical 
dielectric resonator mounted on a ground plane, 
which is discussed in (Collin 1992). 



According to the incremental frequency rule, the 
quality factor Q c related to conductor losses of the 
shield is large when the slope df/dR 2 (frequency 
vs. the size of the cavity) is small (Kajfez and 
Guillon 1986). Therefore, in the region b, Q c is 
large and so the effect of the conductor loss to the 
overall quality factor Q of the resonant structure 
can be neglected. Therefore in this region Q is 
mainly determined by the losses in the dielectric. 

In materials property characterization, usually 
cylindrical dielectric resonators are used, and 
the cylindrical dielectric resonators are often 
enclosed in metallic cylinders. The conclusions 
for spherical resonators discussed above can 
be extended to cylindrical dielectric resonators. 
Figure 2.101 shows two typical configurations. In 




Figure 2.100 Resonant frequency of the semispherical dielectric resonator, (a) Transient mode, (b) dielectric 
resonator mode, and (c) hollow cavity mode 





(b) 



Figure 2.101 Cylindrical resonators in cylindrical cavities, (a) The dielectric resonator is at the center of the 
cavity, (b) The dielectric resonator contacts the end wall of the cavity 
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Figure 2.101(a), the dielectric resonator is at the 
center of the cavity, and the contribution of the 
conductor losses of the metal shield to the overall 
quality factor of the resonant structure is small. 
This conhguration is often used in characteriz- 
ing the dielectric permittivity of dielectric cylin- 
ders. In Figure 2.101(b), one end of the dielec- 
tric cylinder directly contacts the end-wall of the 
resonant cavity. In this conhguration, the surface 
resistance of the end-wall contacting the dielec- 
tric cylinder affects the overall quality factor of 
the resonant structure. This conhguration is often 
used in characterizing the surface resistance of 
conductors. 

Kobayashi et al. made discussions on the qual- 
ity factors of the circularly symmetric TE 0 modes 
for dielectric cylinders placed between two parallel 
conductor plates and in a closed conductor 
shield (Kobayashi et al. 1985). The techniques 
allowing separate estimation of the quality factors 
due to radiation, conductor, and dielectric losses 
are proposed. The conclusions obtained are help- 
ful for realizing high-quality dielectric resonators 
and for the measurement of dielectric properties of 
low-loss materials. 



2. 3. 5. 3 Coupling to external circuit 

Generally speaking, all kinds of coupling methods 
can be used for dielectric resonators. The coupling 
probes often used for dielectric resonators include 
electric dipole, magnetic dipole, microstrip line, 
and waveguide. It should be noted that, for a 
coupling probe, different coupling positions and 
different orientations result in different resonant 
modes. As shown in Figure 2.102, in materials 
property characterization, electric dipole probe and 
magnetic dipole probe are often used in couplings 
to dielectric resonators. Using these kinds of 
probes, the coupling coefficients can be easily 
adjusted. Detailed discussions on the coupling 
methods for dielectric resonators can be found 
in (Kajfez and Guillon 1986). 



2. 3. 5.4 Whispering- gallery dielectric resonator 

Whispering-gallery mode (WGM) dielectric res- 
onators form a class of rotationally invariant 




Magnetic dipole 
for TM modes 




Electric dipole 
for TM modes 



Magnetic dipole 
for TE modes 



Figure 2.102 Electric and magnetic dipole probes for 
couplings of dielectric TE and TM resonant modes 




Figure 2.103 Typical WGM resonance in a dielectric 
resonator. The dark regions indicate areas of high energy 
density 

resonant structures, typically characterized by high 
values of the azimuthal index n. The name is 
applied due to the similarity with Lord Rayleigh’s 
observations of whispers that would travel around 
the inside wall of St. Catherine’s cathedral in 
England in early 20th century. As shown in 
Figure 2.103, WGM resonators exhibit a multiplic- 
ity of sharp resonances and they are natural candi- 
dates for the realization of an ultra wideband res- 
onant structure. Since WGM dielectric resonators 
are running essentially in the azimuthal direction, 
they offer the possibility of new microwave devices, 
such as directional biters and power combiners with 
very low reflection coefficient. In materials prop- 
erty characterization. WGM dielectric resonators 
are often used in characterizing extremely low- 
loss dielectrics, high-dielectric-constant materials, 
anisotropic dielectrics, and ferrites. 

In a WGM dielectric resonator, due to the 
total internal reflections, the electromagnetic wave 
bounces around inside the dielectric/air interface. 
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For given boundary conditions, resonance occurs 
only at certain wavelengths (A.) given by 

nX = nd^/SrHr, (2.421) 

where the integer n is the azimuthal index, d 
is the diameter of the crystal, e r is the relative 
permittivity, and /i r is the relative permeability. 
Flowever, as will be indicated later, this relation 
is only true at high frequency where n is large. 
At lower frequencies, the electrical path length is 
extended by reflections from an internal caustic 
surface (Cros and Guillon 1990). 

WGM in a dielectric rod can be described as 
comprising waves running against the concave 



side of the cylindrical boundary of the rod (Cros 
and Guillon 1990). The waves move essentially 
in the plane of the circular cross section. As 
shown in Figure 2.104(a), most of the energy is 
confined between the cylindrical boundary (r = a) 
and an inner modal caustic (r — a c ). Near this 
region, the electromagnetic fields are evanescent. 
The modal energy confinement can be explained 
from a ray optics point of view. As shown in 
Figure 2.104(b), a ray is totally reflected at the 
dielectric -air interface; it is then tangent to an 
inner circle called the caustic. Thus the ray moves 
merely in a small region within the rod near the 
rod boundaries. 





Figure 2.104 WGM in a dielectric rod. (a) Electric field variation as a function of the radius, (b) representation 
by ray optic techniques of WGM propagation in cylindrical rod (Cros and Guillon 1990). Source: Cros, D. and 
Guillon, P. (1990). "Whispering gallery dielectric resonator modes for W-band devices”, IEEE Transactions on 
Microwave Theory and Techniques, 38 (11), 1667-1674. © 2003 IEEE 




Figure 2.105 Two types of WGM dielectric resonators, (a) Cylindrical dielectric resonator and (b) planar 
dielectric resonator. Source: Cros, D. and Guillon, P. (1990). "Whispering gallery dielectric resonator modes for 
W-band devices”, IEEE Transactions on Microwave Theory and Techniques, 38 (11), 1667-1674. © 2003 IEEE 
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As shown in Figure 2.105, WGM can be 
excited in cylindrical dielectric resonators and 
planar dielectric resonators. In the cylindrical 
dielectric resonator shown in Figure 2.105(a), 
its WGM is characterized by a second energy 
confinement (axial) ensured by the enlargement of 
the resonator radius in the central zone. In this 
area, the modes propagate axially with a small 
propagation constant and they decay exponentially 
away from the discontinuity of the resonator 
radius. In Figure 2.105(b), WGM is excited in a 
thin dielectric disk with the diameter 2a much 
larger than its thickness h. Such resonators have 
been extensively investigated because they are 
compatible with millimeter-wavelength integrated 
circuits. 

WGM dielectric resonators are very interesting 
for a number of reasons (Cros and Guillon 1990). 
First, their dimensions are relatively large, even 
in the millimeter-wavelength band. Second, the 
quality factors are very high: the unloaded quality 
factor of a WGM dielectric resonator is limited 
only by the value of the loss tangent of the 
material used to realize the dielectric resonator, 
and the radiation losses are negligible. This is 
an important feature of WGM compared with the 
conventional TE or TM modes, whose unloaded 
quality factor depends not only on the material 
loss tangent but also on the metallic shields in 
which they are enclosed. Third, WGM resonators 
have good suppression of spurious modes because 




(a) 



the propagation constant along the Z-axis is very 
small and the unwanted modes leak out axially 
and can be absorbed without perturbation. Last, 
they offer a high level of integration. They can be 
easily integrated into planar circuits. 

As shown in Figure 2.106, the WGM of dielec- 
tric resonators can be classified as WGE,„„/ and 
WGH,,,,,/. In a WGE„ m/ mode, the electric field is 
essentially transversal, while in a WGH,,,,,/ mode, 
the electric field is essentially axial. The integer n 
denotes the azimuthal variations, m the radial vari- 
ations, and l the axial ones. As an example, the 
field distributions of WGEgoo and WGEgio modes 
are shown in Figure 2.107. 





Figure 2.106 Electromagnetic fields of WGE and 
WGH modes in planar dielectric resonator, (a) WGE 
mode and (b) WGH mode. Source: Cros. D. and 
Guillon, P. (1990). “Whispering gallery dielectric res- 
onator modes for W-band devices” IEEE Transac- 
tions on Microwave Theory and Techniques, 38 (11), 
1667-1674. © 2003 IEEE 




(b) 



Figure 2.107 Field distributions of WGM. (a) Electric field amplitude for WGE 80 o mode and (b) electric field 
distribution of WGE 8 i 0 mode (Niman 1992). Source: Niman. M. J. (1992). “Comments on "Whispering gallery 
dielectric resonator modes for W-band devices’ ”, IEEE Transactions on Microwave Theory and Techniques, 40 (5), 
1035-1036. © 2003 IEEE 
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Figure 2.108 Whispering-gallery modes excited by 
electric and magnetic dipole. Source: Cros, D. and Guil- 
lon, P. (1990). “Whispering gallery dielectric resonator 
modes for W-band devices”, IEEE Transactions on 
Microwave Theory and Techniques, 38 (11), 1667-1674. 
© 2003 IEEE 

WGM dielectric resonators can be excited in 
various ways. As shown in Figure 2.108, in the 
low microwave frequency range we use an electric 
dipole or a magnetic dipole. Using this type 
of excitation we can obtain stationary WGM. 
In the high microwave frequency range we can 
use dielectric image waveguides or microstrip 
transmission lines as shown in Figure 2.109. Using 
this method, we can build travelling WGM. 

Finally, it should be indicated that WGM 
could also be built in other types of reso- 
nant structures. Figure 2.110 shows a travelling 
microstrip resonator (Harvey 1963). If the length 
of the microstrip ring is a multiple of the wave- 
length, absoiption can be observed from the 
transmission line, indicating the occurrence of a 
resonance. Correspondingly, we may also take the 
resonance in a microstrip ring resonator discussed 
in Section 2. 3. 3. 2 as a stationary microstrip WGM. 



E field 




2.3.6 Open resonators 

2.3.6. 1 Concept of open resonator 

As discussed earlier, free space can also be taken as 
a type of transmission line. We can also make res- 
onators from free-space transmission line by termi- 
nating it with two parallel metal plates, forming a 
Fabry-Perot resonator, as shown in Figure 2.111. 
In millimeter-wave and sub millimeter-wave fre- 
quency range, the conductor loss is a main part 
of energy dissipation of a resonant cavity. Com- 
pared to closed resonators, open resonators may 
have higher quality factors because the conductor 
loss is decreased as some of the conductor walls 
are moved away. 

We assume the parallel plates in Figure 2.111 to 
be infinite in extent, and a TEM mode standing 
wave is built between the plates. From the 
boundary conditions, we can get the resonant 
frequency /b: 

/o = g. (2A22) 

2d 

where d is the distance between the two parallel 
plates, n is the mode number (n = 1, 2, 3, . . .), c 
is the speed of light. Equation (2.422) indicates 
that the resonant frequency can be adjusted by 
changing the distance between the two plates. In 
an actual Fabry-Perot resonator, usually one of the 
reflectors is movable so that the resonant frequency 
can be changed continuously. This is an attractive 
advantage for materials property research. 

The quality factor Q 0 of the resonator can be 
estimated by 



H field 




Figure 2.109 Whispering gallery modes excited by (a) dielectric image waveguide and (b) microstrip line. Source: 
Cros, D. and Guillon, P. (1990). “Whispering gallery dielectric resonator modes for W-band devices”, IEEE 
Transactions on Microwave Theory and Techniques, 38 (11), 1667-1674. © 2003 IEEE 
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Figure 2.110 A traveling-wave microstrip resonator 




Figure 2.112 Leakage of Fabry-Perot resonator due 
to limited size of the plates. Reprinted from Musil, 
J. and Zacek, F. (1986). Microwave Measurements of 
Complex Permittivity by Free Space Methods and Their 
Applications, Permission from Elsevier, Amsterdam 
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Figure 2.111 An ideal Fabry-Perot resonator 
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where n is the mode number, r\ 0 is the intrinsic 
impedance of the free space, and R s is the 
surface resistance of the reflector. Equation (2.423) 
indicates that the quality factor increases with the 
increase of the mode number. As n is often several 
thousand or more, very high quality factors could 
be achieved. 



23.6.2 Stability requirements 

Equation (2.423) gives the quality factor of an 
ideal case: the two plates are infinite and they 
are strictly parallel. However, in an actual case 
as shown in Figure 2.112, the sizes of the plates 
are limited, and the two plates may be not 
strictly parallel, microwave energy will be radiated. 
Therefore, the actual quality factor is less than 
what Eq. (2.423) gives. 

As shown in Figure 2.113, significant improve- 
ments can be made if one or both of the reflect- 
ing plane plates is replaced by a concave reflec- 
tor (Musil and Zacek 1986). In these cases, the 
field is focused in a smaller volume and the 
requirements for arranging the two reflectors are 
not very high. Furthermore, if one or both reflec- 
tors have a concave spherical surface, the field 





Figure 2.113 Resonator geometries with planar and 
spherical reflectors (Musil and Zacek 1986). Reprinted 
from Musil, J. and Zacek, F. (1986). Microwave 
Measurements of Complex Permittivity by Free Space 
Methods and Their Applications, Permission from 
Elsevier, Amsterdam 

inside the resonator has a well-known Gaussian 
distribution. This fact can be used to simulate free- 
space field conditions, quite similar with the case 
of focused beams described in Section 2.2.5. 

An open resonator consisting of two spherical 
reflectors with radii of r\ and r 2 can support 
a stable mode if the following condition is 
met (Pozar 1998): 




On the basis of Eq. (2.424), a stability diagram 
can be drawn, as shown in Figure 2.114. In the 
stability diagram, the stable regions are shadowed. 
There are three special conditions, representing 
parallel-plane resonator, concentric resonator, and 
symmetrical confocal resonator respectively. 

Parallel plate can be taken as a spherical reflector 
with infinite radius. The point corresponding to a 
parallel plate resonator (d / r\ = d/r 2 — 0) is at the 
boundary between the stable region and unstable 
region. If there are any irregularities, the system 
becomes unstable. 
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For a confocal resonator {r\ — r 2 — d), the cor- 
responding point is at the boundary between the 
stable region and unstable region. For a concen- 
tric resonator (rq — r 2 — (d/2)), the correspond- 
ing point is at the stability boundary. So these 
two kinds of resonators are also not very sta- 
ble. To increase the stability, confocal and con- 
centric resonators are often modified into near- 
confocal and near-concentric geometries, as shown 
in Figure 2.115. 

When open resonators are used in materi- 
als property characterization, we should con- 
sider the beam-width in the resonator, as the 
beam-width determines the minimum dimensions 
of samples that can be measured. Similar to 
focused microwave beam, in the determination of 
beam width, we should define a certain level of 




field intensity with respect to the held intensity on 
the axis of the resonator. 

2. 3. 6. 3 Coupling to external circuit 

In a microwave Fabry-Perot resonator, coupling 
may be achieved by quasi-optical methods or typi- 
cal microwave methods. Figure 2.1 16 diagrammat- 
ically shows two common geometries for coupling 
in a quasi-optical manner: through one or both mir- 
rors or normal to the resonator axis (Clarke and 
Rosenberg 1982). In the through-mirror method, 
minors of the open resonator are perforated metal 
plates, the RF signal is injected by means of a colli- 
mating lens fed by a small hom placed at its focus, 
and a similar lens-and-hom arrangement is used to 
collect the small signals passing through the sys- 
tem. The method shown in Figure 2.116(b) utilizes 
a dielectric beam splitter set at 45° to the res- 
onator axis, and usually the beam splitter is made 
of polyethylene. In this system, the quality-factor 
of the resonator can be continuously adjusted by 
rotating the incident polarization. The quality fac- 
tor reaches its maximum value when the electric 
vector lies in the plane of incidence and reaches 
its minimum value when the electric vector is per- 
pendicular to the plane of incidence. Meanwhile, 
the quality factor of the resonator is also affected 
by the thickness of the beam splitter. 

Fabry-Perot resonators can also be coupled 
using typical microwave methods, such as the cou- 
pling apertures in the mirror reflectors. Figure 2. 1 17 
shows an open resonator coupled to waveguides 
through apertures. The details of the coupling aper- 
ture are shown in Figure 2.118. It comprises a 




(a) (b) 

Figure 2.115 Modification of confocal and concentric resonators, (a) Near-confocal resonator and (b) near-con- 
centric resonator (Musil and Zacek 1986). Reprinted from Musil, J. and Zacek, F. (1986). Microwave Measurements 
of Complex Permittivity by Free Space Methods and Their Applications, Permission from Elsevier, Amsterdam 
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Figure 2.116 Two types of quasi-optical coupling methods, (a) Through-mirror method and (b) normal-to-axis 
method. Modified from Clarke, R. N. and Rosenberg, C. B. (1982). “Fabry-Perot and open resonators at microwave 
and millimeter wave frequencies, 2-300 GHz”, Journal of Physics E: Scientific Instruments, 15 (1), 9-24 




Figure 2.117 An open resonator coupled to waveguides through apertures 




Figure 2.118 Structure of a coupling aperture (Clarke 
and Rosenberg 1982). Source: Clarke, R. N. and 
Rosenberg, C. B. (1982). “Fabry-Perot and open res- 
onators at microwave and millimeter wave frequencies, 
2-300 GHz”, Journal of Physics E: Scientific Instru- 
ments, 15 (1), 9-24, by permission of The Institute of 
Physics 



standard TEio mode feed- waveguide butted into a 
rectangular recess in the back surface of one reflec- 
tor. Loops of magnetic field emanate from the aper- 
ture which thus acts as a magnetic dipole radiating 
into a half-space (Clarke and Rosenberg 1982). The 
coupling coefficient is mainly determined by the 
diameter of the coupling hole and the thickness of 
the wall. 

Measurement of dielectric properties is a nat- 
ural application for open resonators since easily 
measured parameters of an open resonator, includ- 
ing the resonant frequency /, quality factor Q, 
and resonator length d, are simply related to the 
dielectric constant and loss tangent of the mate- 
rial included in the resonator. Actually, materials 
property characterization was one of the first appli- 
cations for microwave open resonators, and open- 
resonator methods are presently among the most 
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sensitive for low-loss dielectric measurements at 
millimeter-wave frequencies (Cullen 1983). More 
discussions on the application of open resonators 
in materials property characterization can be found 
in Chapter 5. 



2.4 MICROWAVE NETWORK 




As mentioned earlier, field method and line method 
are two important methods in microwave the- 
ory and engineering. In the field method, the 
distributions of electric field and magnetic field 
are analyzed. In the line method, the microwave 
properties of the transmission lines or reso- 
nant structures are represented by their equiv- 
alent lumped elements. Network approach is 
developed from the line method. In the net- 
work approach, we do not care the distribu- 
tions of electromagnetic fields within a microwave 
structure, and we are only interested in how 
the microwave structure responds to external 
microwave signals. 

In this section, we first introduce the concept of 
microwave network and the parameters describing 
microwave networks. We then introduce network 
analyzer, followed by a discussion on the methods 
for the measurements of reflection, transmission, 
and resonant properties of microwave networks. 



2.4.1 Concept of microwave network 

The concept of microwave network is developed 
from the transmission line theory, and is a powerful 
tool in microwave engineering. Microwave net- 
work method studies the responses of a microwave 
structure to external signals, and it is a com- 
plement to the microwave field theory that ana- 
lyzes the field distribution inside the microwave 
structure. 

Two sets of physical parameters are often used in 
network analysis. As shown in Figure 2.119, one 
set of parameters are voltage V (or normalized 
voltage v) and current I (or normalized current 
i ). The other set of parameters are the input 
wave a (the wave going into the network) and 
the output wave b (the wave coming out of 
the network). Different network parameters are 



Figure 2.119 Two definitions of a network 



used for different sets of physical parameters. For 
example, impedance and admittance matrixes are 
used to describe the relationship between voltage 
and current, while scattering parameters are used to 
describe the relationships between the input waves 
and output waves. 

In the following discussion, we focus on two- 
port networks, and the conclusions obtained for 
two-port networks can be extended to multiport 
networks. We will discuss impedance matrix, 
admittance matrix, and scattering matrix, and we 
will also discuss the conversions between these 
parameters. 



2.4.2 Impedance matrix and admittance 
matrix 

2.4.2. 1 Unnormalized impedance and admittance 
matrixes 

There are two types of impedance matrixes 
and admittance matrixes: unnormalized ones and 
normalized ones. Unnormalized impedance and 
admittance describe the relationships between 
unnormalized voltage and unnormalized current. 
For a two-port network as shown in Figure 2.120, 
we have 

[V] - [Z] [/] (2.425) 

M = mm, (2.426) 



where [ V ] is the unnormalized voltage: [V] = 
[Ki, V 2 ] t , [/] is the unnornralized current: [/] = 
[ /i , 7 2 ] t , and the impedance matrix is 



[Z] = 



Z n 

Z 2 i 



z 12 

Z 2 2 



(2.427) 
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Figure 2.120 A two-port network with voltages and 
currents defined 



From Eq. (2.425), we know that if 7, = 0 (i j) 

/ n = Tc Z d = T. (** = 1.2;-/ = 1.2). 

(2.428) 

Equation (2.428) indicates that Z /; is the input 
impedance at port j when the other port is open, 
and Zjj (i jz j) is the transition impedance from j 
port to i port when port i is open. 

The admittance matrix [F] in Eq. (2.426) is in 
the form of 



m = 



Yu 

Yu 



Y 12 
Yn 



(2.429) 



Similarly, Yjj is the input admittance at port j 
when the other port is shorted, and Yjj(i ^ j) is 
the transition admittance from j port to i port when 
port i shorted. From Eqs. (2.425) and (2.426), we 
can get the relationship between [F] and [Z] 



with: 



[y/Zc\ = 



VZci 

0 



0 



\fZc2 



\Vy c \ 



VZ~i o 

0 sfY7i 



(2.435) 

(2.436) 



where Z ci and Z c2 are the characteristic impedances 
of the transmission lines connected to port 1 and 
port 2 respectively; F c i and F c2 are the characteristic 
admittances of the transmission lines connected to 
port 1 and port 2 respectively. It is clear that 





= [1] 



(2.437) 



For single components in Eqs. (2.433) and 
(2.434), we have 

ztj = Z ijy /Y~Y~ = ~^L= (2.438) 

Yij = Yj^Z-Z- = - A= (2.439) 

y T ci Tq j 

When i = j, 

zn - (2.440) 

i 

yn - I 1 (2.441) 

Fci 



[Z][F] = [1] 



p Equations (2.440) and (2.441) agree with the 

definitions in transmission line theory. 



2.4. 2. 2 Normalized impedance and admittance 
matrixes 

Normalized impedance matrix (~J and normalized 
admittance matrix [ v j defines the relationships 
between the normalized currents and normalized 
voltages: 

[v] = [z][i] (2.431) 

[i] = [y][v] (2.432) 

From Eqs. (2.425), (2.426), (2.431), and (2.432), 
we can get 

UJ = [Vy c ][Z][Vy c ] (2.433) 

[y] = [s/z~ci[Y\{/z~ c ] (2.434) 



2.4.3 Scattering parameters 

As shown in Figure 2.121, the responses of a 
network to external circuits can also be described 
by the input and output microwave waves. The 
input waves at port 1 and port 2 are denoted as 
a i and a 2 respectively, and the output waves 
from port 1 and port 2 are denoted as b\ and /; 2 
respectively. These parameters (a 1; c< 2 , h } , and hi) 
may be voltage or current, and in most cases, we do 
not distinguish whether they are voltage or current. 

The relationships between the input wave [a] 
and output wave [ b ] are often described by 
scattering parameters [5]: 

lb] - [S][a], (2.442) 
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Figure 2.121 A two-port network with “a” s and “b ” s 
defined 



where [a] = [a\, a 2 ] T , \b] = [b\, bf^ , and the 
scattering matrix [5] is in the form of 



[S] = 



s n 
Sn 



Sl2 

Sl2 



(2.443) 



For a scattering parameter Sjj, if a,- =0 (i 7 - j), 
from Eq. (2.442), we have 



bj 

- O' = 1,2) 


(2.444) 


Oj 




— d¥=j\i = l, 2 ;y = 1 , 2 ) 


(2.445) 


Oj 





Equation (2.444) shows that when port j is 

connected to a source and the other port is 

connected to a matching load, the reflection 

coefficient at port j is equal to S n : 

r, - Sjj = ^ (2.446) 

a j 

Equation (2.445) shows that when port j is 

connected to a source, and port i is connected to 
a matching load, the transmission coefficient from 
port j to port i is equal to Sjj : 

Tj^i = Sjj - — (2.447) 

oj 



2.4.4 Conversions between different network 
parameters 

From the relationships between different physical 
parameters, we can get conversions between differ- 
ent network parameters (Frickey 1994). From the 
definitions of normalized voltage and current, input 
and output waves, we have 

v — a + b (2.448) 

i — a — b (2.449) 



and 

a — \(v + i) (2.450) 

b = \(v — i). (2.451) 

From Eqs. (2.448)-(2.451), we can get the rela- 
tionships between [5], [ zj , and [v J as listed in 
Table 2.6. If we know any one of [.V], [z], and 
[y], from Table 2.6, we can find the other two. 
As will be discussed later, in experiments, usu- 
ally the scattering parameters are measured, and 
other parameters including impedance parameters 
and admittance parameters can be calculated from 
scattering parameters. 



2.4.5 Basics of network analyzer 

Network analyzer is one of the most important 
tools for analyzing analog circuits. By measur- 
ing the amplitudes and phases of transmission and 
reflection coefficients of an analog circuit, a net- 
work analyzer reveals all the network characteris- 
tics of the circuit. In microwave engineering, net- 
work analyzers are used to analyze a wide variety 
of materials, components, circuits, and systems. 

In most of the methods, which will be discussed 
in later chapters, for materials property character- 
ization, measurements are conducted by network 
analyzers. In this part, we discuss the basic princi- 
ple of network analyzers and the error correction 
techniques. More detailed information about net- 
work analyzers can be found in (Ballo 1998). 



2.4.5. 1 Principle of network analyzers 

Network analyzers are widely used to measure 
the four elements in a scattering matrix: Sn, 
5 ) 2 , 521 , and £ 22 - As shown in Figure 2.122, a 
network analyzer mainly consists of a source, 
signal separation devices, and detectors. Basically, 
a network analyzer can measure the four waves 
independently: two forward traveling waves a\ and 
« 2 , and two reverse traveling waves b\ and bi. 
The scattering parameters can then be obtained by 
the combinations of these four waves according 
to Eqs. (2.444) and (2.445). The four detectors, 
labeled by a\, a 2 , b \ , and bi_ are used to measure 
the four corresponding waves respectively, and the 
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Table 2.6 Conversions between [S], [z], and [y] 
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[z] 



fvl 
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Figure 2.122 The block diagram for a network 
analyzer 



signal separation devices ensure the four waves be 
measured independently. 

2.4. 5.2 Types of measurement errors 

The measurement errors of a network analyzer 
generally fall into three categories: systematic 
errors, random errors, and drift errors. 

Systematic errors 

Systematic errors of a network analyzer mainly 
include match, directivity, cross talk, and fre- 
quency response. Match errors arise from multiple 
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reflections of the device under test (DUT) that are 
not sensed at the incident wave detector. Direc- 
tivity errors are due to leakage signals that are 
sensed at the reflected wave detector but are not 
reflected from the DUT. Cross-talk errors are due 
to leakage signals that are sensed at the transmitted 
wave detector without passing through the DUT. 
The frequency response errors arise from path loss, 
phase delay, and detector response. These errors 
are caused by imperfections in the measurement 
systems. Most of these errors do not vary with 
time, so they can be characterized through cal- 
ibration and mathematically removed during the 
measurement process. 

The dynamic ranges of a measurement system 
are limited by systematic errors. The dynamic 
range for reflection measurements is mainly lim- 
ited by directivity, while the dynamic range for 
transmission measurement is mainly limited by 
noise floor or cross talk. 

Random errors 

Random errors are usually unpredictable and 
cannot be removed by calibration. The possible 
sources of random errors include instrument noise, 
switch repeatability, and connector repeatability. 
Random errors can be minimized by making 
measurements several times and taking the average 
values. 

Drift errors 

Drift errors are mainly caused by the change of 
working conditions of the measurement system 
after a calibration has been done. Temperature 
variation is one of the main sources for drift 
errors. In experiments, we should try to keep 
the working conditions as close to the calibration 
conditions as possible. To remove drift errors, 
further calibrations are needed. 

2. 4.5. 3 Corrections of systematic errors 

The systematic errors of a network analyzer can 
be corrected by calibration. This process com- 
putes the systematic errors from measurements 
on known reference standards. When subsequent 



measurements are made, the effects of the system- 
atic errors are mathematically removed from the 
measurement results. The two main types of error 
corrections that can be done are response correc- 
tions and vector corrections. Response calibration 
is simple to perform, but only corrects for a few of 
the possible systematic error terms. Response cal- 
ibration is essentially a normalized measurement 
where a reference trace is stored in memory, and 
subsequent measurement data is divided by this 
memory trace. A more advanced form of response 
calibration is open/short averaging for reflection 
measurements using broadband diode detectors. 
In this case, two traces are averaged together to 
derive the reference trace. Vector-error correction 
requires the network analyzer can measure both 
magnitude and phase data. Vector-error correction 
can account for all major sources of systematic 
error, and requires more calibration standards. It 
should be noted that response calibration can be 
performed on a vector network analyzer, in which 
case we store a vector reference trace in memory, 
so that we can display normalized magnitude or 
phase data. This is not the same as vector-error 
correction, because we cannot remove the indi- 
vidual systematic errors, all of which are vector 
quantities. 

Vector-error correction is a process of character- 
izing systematic vector error-terms by measuring 
known calibration standards, and then removing 
the effects of these errors from subsequent mea- 
surements. In microwave electronics and materials 
property characterization, one-port and two-port 
measurements are often used. In the following, 
we discuss one-port and two port calibrations. 
More discussions on vector-error corrections can 
be found in (Ballo 1998). 

One-port calibration 

In reflection methods for materials property char- 
acterization, one-port reflection measurements are 
required. One-port calibration can measure and 
remove three systematic error terms in one- 
port measurements: directivity, source match, and 
reflection tracking. 

Figure 2.123 shows the equivalent circuits of an 
ideal case and an error adapter. The relationship 
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Figure 2.123 Model for one-port calibration. In the figure, Sn m is the measured Sn value, 5n a the actual Sn 
value, E 0 the directivity, Frt the reflection tracking, and E s the source match. Source: Ballo, D. (1998). Network 
Analyzer Basics, Hewlett-Packard Company. Santa Rosa, CA 



between the actual ^-parameter .S'n a and the 
measurement result Sn m is given by 

c j-, ^RT^lla 

^tim — i zr~z — (2.452) 

In order to get the three systematic error terms 
so that the actual reflection ^-parameters can be 
derived from our measurements, it is necessary 
to create three equations with three unknowns 
and solve them simultaneously. So three known 
standards, for example, a short, an open, and a Zq 
load should be measured. Solving these equations 
will yield the systematic error terms. 



Two-port calibration 

Two-port error correction accounts for all the 
major sources of systematic errors. There are two 
types of two-port calibrations often used: full 
two-port calibration and through-reflect-line (TRL) 
calibration. These two calibration methods are 
based on similar models, and we focus on full two- 
port calibration. 



Full two-port calibration 

All the systematic error terms are measured and 
removed by full two-port calibration. After full 
two-port calibration, the network analyzer can be 
used for both reflection and transmission mea- 
surements. The error model for a two-port device 
is shown in Figure 2.124. There are six types 
of systematic errors: directivity and cross-talk 



errors relating to signal leakage, source, and load; 
impedance mismatches relating to reflections; and 
frequency response errors caused by reflection and 
transmission tracking within the test receivers. The 
full two-port error model includes all six of these 
terms for the forward direction and the same six 
terms in the reverse direction, for a total of 12 error 
terms. So full two-port calibration is often referred 
to as 12-term error correction. 

The relationships between the actual device S- 
parameters and the measured .S'-paramcters are 
given by (Ballo 1998) 
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Figure 2.124 Systematic errors of network analyzer, (a) Forward model. In the figure, E v is the forward 
directivity; E s , forward source match; E^j, forward reflection tracking; E L , forward load match; Z? TT , forward 
transmission tracking; and Ex, forward isolation and (b) reverse model. In the figure, E' v is the reverse directivity; 
E' s , reverse source match; £^ T , reverse reflection tracking; E' L , reverse load match; Efy, reverse transmission 
tracking; and E’ x , reverse isolation. Source: Ballo, D. (1998). Network Analyzer Basics, Hewlett-Packard Company. 
Santa Rosa, CA 
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To obtain the 12 terms of systematic error terms, 
12 independent measurements on known standards 
are required. Usually, four known standards, 
short-open-load-thru (SOLT) are used, and thus 
this calibration is also called SOLT calibration. 
Some standards are measured multiple times, for 
example, the thru standard is usually measured 
four times. Once the systematic error terms have 
been characterized, the actual device 5-parameters 
can be derived from the measured 5-parameters 
using Eqs. (2.453)- (2.456). It should be noted 
that each actual 5-parameter is a function of 
all four measured 5-parameters, so the network 
analyzer must make a forward and reverse sweep 
to update any one of the four 5-parameters. 

TRL calibration 

To perform a two-port calibration, there are several 
choices based on the type of calibration standards 
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to be used. Besides the full two-port calibration 
discussed above, TRL calibration is also widely 
used. The name comes from the three standards 
used: thru-reflect-line (TRL). TRL calibration is 
a two-port calibration technique primarily used in 
noncoaxial systems, such as waveguide, fixtures, 
and wafer probing. It solves for the same 12 
error terms as the full two-port calibration, using 
a slightly different error model. One advantage of 
TRL calibration is that the required standards can 
be easily designed, fabricated, and characterized. 

For a four-receiver network analyzer as shown 
in Figure 2.122, true TRL calibration can be 
performed, while for a three-receiver analyzer, the 
version of TRL calibration is usually called TRL*. 
There are several variations of TRL calibration, 
such as Line-Reflect-Line (LRL), Line-Reflect- 
Match (LRM), Thru-Reflect-Match (TRM), and 
all these calibration methods share error models 
similar to the ones for TRL calibration. More 
discussions on TRL calibration can be found 
in (Focus Microwaves Inc. 1994) and (Metzger 
1995). 

2.4. 5. 4 Improvement of the accuracy for materials 
property characterization 

Network analyzers are widely used in materi- 
als property characterization. As discussed earlier, 
there are two types of materials property char- 
acterization methods: resonant methods and non- 
resonant methods. Resonant methods usually have 
higher accuracy and sensitivity, but require higher 
frequency stability. To improve the accuracy and 
sensitivity of resonant methods, the primary choice 
is using synthesized source, and the secondary is 
error correction. Nonresonant methods can char- 
acterize materials over a frequency range. For 
nonresonant methods, the primary choice is error 
correction, and the secondary is using synthesized 
source. 

2.4.6 Measurement of reflection and 
transmission properties 

In nonresonant methods for materials property 
characterization, the sample under test is inserted 
in a segment of transmission line, and the reflection 



from the sample and/or the transmission through 
the sample are measured for the calculation of 
materials properties. In the following, we dis- 
cuss one-port method and two-port method for 
reflection and transmission measurements. In one- 
port and two-port measurements, the measurement 
results may be affected by some unwanted signals, 
such as the reflections from the mismatch between 
the connectors in coaxial-line measurement and 
the reflections from ground in free-space measure- 
ment. So we will also discuss the time-domain 
techniques, which are often used in reflection and 
transmission measurement to eliminate unwanted 
signals. 

2.4.6. 1 One-port method 

One-port method is mainly for the reflection 
measurement. In this method, the single port 
transmits signals, and meanwhile receives the 
signals reflected from the sample under study. The 
.S'-paramctcr measured is Sn or S 22 • 

The dynamic range of reflection measurements 
is mainly limited by the directivity of the measure- 
ment port. To improve the measurement accuracy 
and sensitivity, it is usually required to conduct 
one-port calibration, which requires three known 
standards, as discussed in Section 2. 4. 5. 3. How- 
ever, in some cases, when we do not require high 
accuracy and sensitivity, one known standard, such 
as “short” or “air”, may be enough to conduct a 
simple calibration. 

2.4. 6.2 Two -port method 

Two-port method is suitable for the transmis- 
sion/reflection method for materials property char- 
acterization. In a two-port method, one port trans- 
mits signal and the other port receives the sig- 
nal from the sample under study. As shown in 
Figure 2.125, two-port method can be used for 
transmission/reflection measurement and bi-static 
reflection or scattering measurement. 

The dynamic range of a two-port method 
is mainly limited by the noise floor of the 
signal and the cross talk between the two 
ports. Transmission measurement usually requires 
two-port calibration discussed in Section 2. 4. 5. 3. 
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Figure 2.125 Two-port measurements, (a) Transmission/reflection measurement and (b) bistatic reflection or 
scattering measurement 



If we do not need accurate measurement, in 
some cases a "through” calibration may be 
enough. For bistatic reflection or scattering mea- 
surement, special calibrations and measurement 
techniques are needed (Knott 1993; Knott et al. 
1993). 



2.4. 6. 3 Time-domain techniques 

The Fourier transform techniques provide a method 
for transforming data between frequency domain 
and time domain. In network analyzers, usually a 
type of fast Fourier transform (FFT) known as the 
Chirp Z Transform is used, which permits users to 
“zoom in” on a specific time (distance) range of 
interest. Here, we discuss the main properties of 
the transform process and how the various pro- 
cessing options can be used to obtain optimum 
results. More discussions on the applications of 
time-domain techniques in network analyzers can 
be found in (Anritsu Company 1998; Rohde & 
Schwarz 1998). 

By means of the inverse Fourier transform, the 
measurement results in the frequency domain can 
be transformed to the time domain. The time- 
domain results give clear representations of the 
characteristics of the device under test (DUT). 
For instance, the faults in cables can be directly 
localized. Furthermore, special time domain filters, 
called gates, can be used to suppress unwanted 
signal components such as multireflections. The 
measured data “gated” in the time domain can be 
transformed back to the frequency domain and an 
^-parameter representation without the unwanted 
signal components can be obtained as a function 
of frequency. 



Fundamentals 

The responses of a linear and invariant network 
to electromagnetic waves can be represented in 
the time domain by its impulse response h(t) or 
in the frequency domain by its transfer function 
H{f). Fundamentally speaking, h(t) and H(f) 
give the same information, and they can be 
transformed from one to the other through the 
Fourier transform: 

/ OO 

h(t) exp(—]lnft) dt (2.457) 

-CO 

It is clear that the data measured in the frequency 
domain by a network analyzer can be transformed 
to the time domain using inverse Fourier trans- 
form: 

/ CO 

H (/) exp(— j2jr/ 1 ) df (2.458) 

-CO 



Impulse response and step response 



In time domain, besides the impulse response, 
signals can also be represented by the step 
response, which can be obtained by integration of 
the impulse response h{t). Figure 2.126 shows a 
stepped coaxial line and its time-domain responses 
in impulse and step forms. In general, the relation- 
ship between the measured reflection coefficient 
5 1 1 and the impedance Z is given by 



Sn 



z-z 0 

Z + Z 0 ’ 



(2.459) 



where Zo is the characteristic impedance. In 
Figure 2.126, the characteristic impedance is 50 £2. 
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Figure 2.126 Time-domain responses (.S'i i in low-pass 
mode) of a stepped coaxial line, (a) Impedance of a 
stepped coaxial line, (b) impulse response, and (c) step 
response 



From time-domain responses, we can locate the 
impedance discontinuities along a transmission 
line. Furthermore, the step representation clearly 
shows the variation of the impedance along the 
coaxial line. There is no reflection in the regions 
(I) and (IV), so the zero value in Figure 2.126(c) 
represents the reference impedance Z 0 . Positive 
values stand for higher impedances than the 
reference impedance (Z > Zo) and negative values 
for lower impedances (Z < Z 0 ). 

Mathematically, these two forms of representa- 
tions are equivalent. They can be converted into 
each other by differentiation or integration. It 
is recommended to use the step response if the 
impedance characteristics of the DUT are of inter- 
est, while, in most of the other cases, the impulse 
response should be used, especially for the deter- 
mination of discontinuities. 

Now, we consider the time domain responses of 
reactive DUTs. As the signal components of the 
step response occurring later in time correspond to 
lower frequency components down to DC, only 
the low-frequency behavior of the DUT has an 
effect on the later part of the step response. A 
capacitor now reacts like an interruption whereas 
an inductor for low frequencies is similar to a 
through connection. 




Impulse 
Step 

(a) (b) 

Figure 2.127 Ideal low-pass responses associated with 
(a) shunt capacitance and (b) series inductance 





Figure 2.127 shows the low-pass responses 
associated with a series inductance and a shunt 
capacitance. The meaning of “low-pass” will 
be discussed later. Figure 2.127(a) shows the 
response of a shunt capacitance. Before the capac- 
itance, the impedance of the line is equal to the 
reference impedance (Zo). The capacitor first acts 
as a short and is responsible for the negative edge 
of the step response. The capacitor charges up 
gradually. When the capacitor is fully charged, it 
acts as an open. The parallel connection consist- 
ing of capacitor and resistor is then equivalent to 
a single resistor. Since the value of the resistor in 
the example is equal to the reference impedance 
(Z 0 ), no reflection will occur due to the match- 
ing. Thus the step response again attains zero. The 
characteristic of the impulse response can be imag- 
ined by a differentiation of the step response. In a 
similar way, we can understand the response of an 
inductance in series, as shown in Figure 2.127(b). 



Finite pulse width 

Mathematically, in time domain, an infinitely wide 
frequency range is assumed. By Fourier transform, 
infinitely narrow Dirac pulses can be obtained. 
However, in actual Fourier transform, as the 
frequency span is limited, the frequency domain 
data are multiplied by a rectangular weighting 
function that takes the value 1 for the actual 
frequency range of the network analyzer and 
which is otherwise zero. This multiplication in the 
frequency domain corresponds to a convolution of 
ideal Dirac pulses with a si function in the time 
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domain: 

sin 

si(x) = , (2.460) 

x 

and the width AT of the si impulses is inversely 
proportional to the frequency span A F of the 
frequency range: 



AT = 



A F 



(2.461) 



amplitudes to the left and right of the main pulse 
are given by 



sin(37r/2) 

3jt/2 



- 0.212 



(2.462) 



This corresponds to a side-lobe suppression of 
— 13.46 dB. Similar to the width of the impulse, the 
side lobes can also be reduced by suitable windows 
in the frequency domain, as will be discussed later. 



The principal property of time domain tech- 
niques for most microwave applications is reso- 
lution, which reflects the ability to locate a spe- 
cific signal in the presence of other signals. The 
above discussion indicates that the basic limi- 
tation of resolution is inversely related to data 
collection bandwidth in the frequency domain. 
A rule of thumb: resolution is on the order of 
150mm/[frequency span (GHz)]. For example, a 
10-GHz frequency span will provide resolution of 
about 15 mm. Besides, it should be noted that reso- 
lution is also influenced by the processing method 
and window selection which will be discussed 
later. 

Figure 2.128(a) shows another characteristic of 
si pulses: the occurrence of side lobes to the 
left and right of the main pulse. In experiments, 
side lobes are perceived as interference. According 
to the si function, the highest (negative) side 



Alias 

The actual measurement results in the frequency 
domain are not obtained continuously with fre- 
quency but only at a finite number of discrete 
frequency points. The frequency discrete measure- 
ments can be regarded as a modified continuous 
spectrum by multiplying the continuous spectrum 
with a comb function in the frequency domain. 
In the time domain, this corresponds to a con- 
volution of the time response with a periodic 
Dirac impulse sequence. This results in the alias 
effect of a frequent repetition of the original time 
response, as shown in Figure 2.129. The time inter- 
val At between the repetitions in the time domain 
response is called the alias-free range, which is 
related to the frequency step width A / in the fre- 
quency domain: 

At = 1/A/. (2.463) 




START 0 s 200 ps / STOP 2 ns 

(a) 




START 0 s 200 ps/ STOP 2 ns 



(b) 



Figure 2.128 The time-domain responses of a shorted line, (a) Widened si impulse due to finite span 
(A F = 4 GHz). The pulse width At is about 500 ps and (b) the width of si pulse is halved in low-pass mode. 
The pulse width At is about 250ps. Source: Rohde & Schwarz (1998). Time domain measurements using vector- 
network analyzer ZVR, Application Note 1EZ44_0E, Olaf Ostwald, Munich 
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Figure 2.129 Example of alias. The alias-free range 
is At = 100 ns. Source: Rohde & Schwarz (1998). 
Time domain measurements using vector network ana- 
lyzer ZVR, Application Note 1EZ44_0E, Olaf Ostwald, 
Munich 

In circuit measurements, alias is usually not a 
serious problem. But in fault location, alias should 
be taken into serious consideration. For example, 
with a 10-GHz, 201 -point frequency collection, the 
alias free range is 1/(50 MHz) = 20 ns. This is 
large for most circuits, but if one wants to locate 
a fault in a 100-meter long cable, the range is 
inadequate. For such applications, the step size 
must be reduced either by decreasing the frequency 
span or increasing the number of points. 

Low-pass and band-pass transformations 

There are many methods for time-domain con- 
version, and the methods often used are mainly 
lowpass and bandpass. To obtain accurate time- 
domain results, suitable windows are often applied 
to the data in the frequency domain before the con- 
version, and after time-domain data are obtained, 
suitable gating are often used to eliminate the 
unwanted signals. In this part, we discuss lowpass 
and bandpass modes, and windowing and gating 
will be discussed in later parts. 

The bandpass mode allows an arbitrary number 
of points and an arbitrary frequency range. It 
is suitable for displaying the magnitude of the 
impulse response, and is generally recommended 
for scalar applications. However, it does not 



provide any information about zero frequency (dc), 
and the spectrum is limited to positive frequencies 
only. In some situations such as waveguide or 
band-limited devices, bandpass processing is often 
used. In this situation, vector information is 
lost as there is no phase reference; but useful 
magnitude information is still available. This type 
of processing is often used in fault location of 
transmission lines. 

Actually, the impulse and step responses are 
complex and their phases depend upon the distance 
between the DUT and the reference plane. It is 
therefore generally not recommended to use the 
bandpass mode when the sign of the measured 
reflection coefficient is of interest. In these cases, 
the low-pass mode is often used. 

Low-pass mode requires a special frequency 
plan: a harmonically related set of frequencies with 
starting frequency as low as possible. A dc term 
is extrapolated which provides a phase reference, 
so that the true nature of a discontinuity can be 
obtained. In the frequency grid for low-pass mode, 
the step width A / between the frequency points 
is equal to the start frequency, so that an exact 
extrapolation to zero frequency is possible: 

/start = A / (2.464) 

A frequency grid meeting this requirement is called 
a harmonic grid since the frequency value at each 
frequency point is an integer multiple of the start 
frequency. Sometimes, a more general definition 
for a harmonic grid can be used: 

/start = n A/ (2.465) 

In this case, the start frequency is an integer 
multiple n of the step width. 

After generation of the required harmonic grid, 
the network analyzer is able to add an additional 
frequency point at zero frequency to the frequency 
grid and mirror the data measured at positive 
frequencies around zero frequency to the negative 
frequencies in a conjugate complex way, as shown 
in Figure 2.130. So, in the low-pass mode, the 
width of the frequency domain is doubled, and in 
contrast to the bandpass mode, the resolution in 
the time domain is improved by the factor of 2, as 
shown in Figure 2.128. 
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Figure 2.130 Harmonic frequency grid for lowpass 
mode 



Figure 2.128 also indicates that the pulse in low- 
pass mode has a negative amplitude in contrast to 
the pulse in bandpass mode. Since the DUT is in 
a shorted line (Sn = —1), the measured negative 
amplitude of Figure 2.128(b) better complies with 
the expectations. As the response of the DUT 
in bandpass mode is complex, the bandpass 
time domain cannot give correct sign as shown 
in Figure 2.128(a), and usually people are only 
interested in the amplitude of bandpass time 
domain response, neglecting its sign. On the 
other hand, the low-pass mode provides a real 
time response (imaginary part = 0), and so it 
always gives the correct sign and amplitude of the 
reflection coefficient. 



Windowing 

As discussed earlier, due to the limited frequency 
range, the pulses in the time domain are widened 
and side lobes occur. The side lobes are very 
disadvantageous for time domain measurements 
since fraudulent echoes may be originated, and 
widening of the pulse and the occurrence of side 
lobes also decrease the resolution as well as the 
accuracy of measurements. 

The occurrence of side lobes can be reme- 
died by suitably windowing the measured fre- 
quency domain data. Windowing is essentially an 
attenuation of spectral components in the vicin- 
ity of the start and stop frequencies. It is a curve 
derived from a mathematical function that tapers 
off from unity gain at the center of the fre- 
quency domain data to a low value at the ends. 
Figures 2.131(a) and (b) show the effect of apply- 
ing the widely used two-term Hamming window 
to the data obtained by measuring a short circuit. 
Figures 2.131(c) and (d) indicate that windowing 
obviously decreases the levels of the side lobes. 
But, at the same time, the window has the effect of 
widening the main lobe, thus decreasing the effec- 
tive resolution. 



In actual experiments, it is good to have a 
range of different window types available so that a 
compromise between resolution and side-lobe level 
can be reached. Table 2.7 shows several types of 
windows often used in microwave measurements, 
and detailed discussion on various windows can 
be found in (Harris 1978; Anritsu Company 1998; 
Rohde & Schwarz 1998). 



Gating 

Gate is essentially a filter in the time domain. It can 
be used to select a special discontinuity, and it can 
also be used to gate out a specific discontinuity 
thus observing the performance of a microwave 
circuit with an imperfection removed. Therefore, 
when a suitable gate is applied, we can observe the 
selected range without the influence of unwanted 
elements, such as connectors, and in the case of 
transmission measurements, we can eliminate the 
effects of multipath signals. 

The time gate allows filtering out the compo- 
nents, impedance discontinuities or line faults that 
are spatially separated in the time domain. Owing 
to the different distances to the reference plane 
of the network analyzer, the associated reflec- 
tions arrive at the test port at different times can 
thus be measured separately from each other in 
the time domain. For transmission measurements, 
direct transmissions can be distinguished from 
indirect transmissions (such as multireflected trans- 
missions) in the time domain, and the signal com- 
ponents with different propagation speeds can be 
identified. One of the real benefits of the gate func- 
tion is the transformation of the impulse response 
of the DUT filtered in the time domain back to 
the frequency domain. The interesting part of the 
DUT can thus be displayed without unwanted dis- 
continuities. Figure 2.132 shows the application 
of a gate and the frequency response with gat- 
ing on the initial discontinuity of a transmission 
line. 

It should be indicated that for different gating 
requirements, different shapes of gate should be 
used. Table 2.7 shows several filtering shapes often 
used in gating. Detailed discussions on these gate 
shapes can be found in (Harris 1978; Anritsu 
Company 1998; Rohde & Schwarz 1998). 
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Figure 2.131 Effect of Hamming window, (a) Frequency domain data before application of Hamming window, 
(b) frequency domain data after application of Hamming window, (c) time-domain data before application of 
Hamming window, and (d) time-domain data after application of Hamming window. Source: Anritsu (1998). Time 
domain for vector network analyzers , Application Note, Anritsu Company, Morgan Hill, CA 



Table 2.7 Filter functions and corresponding windows 
and gates 



Filter 

function 


Window in 
frequency 
domain 


Date in 
time domain 


Rectangular 


No profiling 


Steepest edges 


Hamming 


Low first side 
lobe 


Steep edges 


Hann 


Normal profile 


Normal gate 


Bohman 


Steep falloff 


Maximum 

flatness 


Dolph- 


Arbitrary side 


Arbitrary gate 


Chebyshev 


lobes 


shape 



Application examples 

Time-domain techniques are widely used in 
microwave measurements. In the characterization 
of materials properties, time domain techniques 
are usually applied in the following procedure. 
After raw data in frequency domain are obtained, 
apply suitable windowing functions on the fre- 
quency domain data, and then convert the fre- 
quency domain data to the time domain. Once the 
data is converted to the time domain, a suitable gat- 
ing function may be applied to select the data of 
interest. The processed data may then be displayed 
in the time domain with start and stop times or in 
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Figure 2.132 Effects of gating, (a) Frequency response, (b) lowpass time-domain response, (c) time-domain 
response with gate applied, and (d) gated frequency domain display. Source: Anritsu (1998). Time domain for 
vector network analyzers. Application Note, Anritsu Company, Morgan Hill, CA 



the distance domain with start and stop distances. 
The data may also be converted back to the fre- 
quency domain with a time gate, so the frequency 
response we are interested in can be obtained. In 
the following, we give two application examples 
of time-domain techniques. 

Transmission/reflection method for materials 
characterization 

Coaxial air lines are widely used in the charac- 
terization of permittivity and permeability of low- 
conductivity materials using transmission/reflection 
method, and the parameters used in calculating 



permittivity and permeability are reflection (Sj \ ) 
and transmission (SSi). However, as shown in 
Figure 2.133, due to the inevitable mismatch at the 
interfaces between the connectors and coaxial air- 
line, there are reflections (F[ and T 2 ) at the two 
interfaces. At the frequencies when the length of 
the coaxial air-line equals integer times of the half- 
wavelength, the reflections at the interfaces will 
cause obvious errors to the measurement results. 

The effects of reflections at the interfaces can 
be minimized by using time-domain technique. As 
shown in Figure 2.133, if we place the sample at 
the center of the coaxial line, the reflections due 
to the interfaces (f | and r 2 ) and the reflection 
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Figure 2.133 Coaxial air-line for transmission/reflection measurement 



Figure 2.134 



Transmitting antenna Receiving antenna 




due to the sample (r s ) occur at different positions, 
so they can be identified in time domain. The 
reflections due to the interfaces (Ti and T 2 ) can 
be gated out by time-domain gating. Using the 
Sii data in the frequency domain with time gating, 
accurate permittivity and permeability results can 
be obtained. 

Free-space measurement 

Time-domain techniques play especially impor- 
tant roles in free-space measurements. As shown 
in Figure 2.134, most of the free-space measure- 
ment systems are subject to multipath reflections. 
Time domain provides an effective method of 
eliminating the effects of multipath reflections, 
and displays the information in time-gated fre- 
quency domain. Therefore the distortion of mul- 
tipath reflections to the DUT performance can be 
eliminated. 



2.4.7 Measurement of resonant properties 

2. 4. 7.1 Introduction 

In resonant methods, including resonator methods 
and resonant-perturbation methods, we measure 
the resonant frequency and quality factor of the 
measurement fixture. As the resonant frequency 
can be easily determined from ^-parameters in the 
frequency domain, in the following we focus on 
the measurement of quality factor. 

As discussed in Section 2.3.1, the quality factor 
can be calculated according to 

Ql = ^, (2-466) 

A/ 

where / 0 is the resonant frequency, A / is the half- 
power bandwidth. As shown in Figure 2.135, A / 
can be determined in different ways (Sucher and 
Fox 1963). 
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Figure 2.135 Determination of A / for the measurement of loaded quality factor, (a) Power, (b) amplitude, 
and (c) phase (Sucher and Fox 1963). Modified from Sucher, M. and Fox, J. (1963), Handbook of microwave 
measurements, 3rd edition, vol. 2, by permission of Polytechnic Press of the Polytechnic Institute of Brooklyn 



In actual measurements, the resonator under 
test is coupled to the external measurement 
circuit. The coupling between the resonator and 
the measurement circuit is often described by 
the coupling coefficient f. The resonant quality 
factor obtained from Eq. (2.466) is the loaded 
quality factor. For a resonator coupled to n pieces 
of transmission lines, with coupling coefficients 
fii (i — 1.2, ...,«) respectively, the relationship 
between the loaded quality factor Q L and the 
unloaded quality factor Q 0 is given by 



<2o=|l + I>jeL (2.467) 

The measurement of the unloaded quality fac- 
tor is crucial in resonant methods for the deter- 
mination of loss tangent of materials. In the fol- 
lowing, we discuss two methods often used for 
quality factor measurement: reflection method and 
transmission method. At the end of this part, we 
discuss the nonlinear phenomena in quality-factor 
measurements. 



2.4. 7. 2 Reflection method 



This is a one-port method, and the parameter 
we directly measure is the scattering parameter 
iS’i i . As shown in Figure 2.136, the Sn value for 
determining the half-power width is 



/ io 5ll ’ t/10 + 10 5ll ./o/ 10 \ 

Sh,a/ = 10-log 10 (dB), 

(2.468) 

where Sn.b is the Sn value of the base line of 
the resonance, and Snj o is the Sn value at the 
resonant frequency. 

As shown in Figure 2.137, the coupling coef- 
ficient p can be determined from the reflection 
Smith chart (Kajfez 1995): 



P = 



1 

(dn/d) - 1 ’ 



(2.469) 



where d is the diameter of the “resonant circle”, 
and d 2 is the diameter of the loss circle. After 
obtaining Q\ and f, the unloaded quality factor 
0o can be calculated from 



Go = (1 + /5)Gl. (2-470) 
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Figure 2.136 Measurement of quality factor from Sn 




Figure 2.138 Measurement of quality factor from S 21 




Figure 2.137 Measurement of coupling coefficient 
(Kajfez 1995). Modified from Kajfez" D. (1995). 
Q-factor measurement with a scalar analyser, IEE 
Proceedings-Microwaves, Antennas and Propagations , 
142, 369-372, by permission of IEE 



where f\ and /T are the coupling coefficients 
of the cavity to the two ports respectively. If 
the magnitudes of all the four .S'-paiameters are 
measured at the resonant frequency /o, we have 



Pi 



1 - Sll./o 

s n,f 0 + S22J0 



P2 — 



1 - S22, fo 

Sn,fo + S 22 ,fo 



S 2l,fo — S l2,f 0 — 



2 V P1P2 

1 + Pi + P2 



(2.473) 

(2.474) 

(2.475) 



By assuming that the two couplings between the 
cavity and the two transmission lines are weak and 
equal, we can calculate the unloaded quality factor 
<2o from the loaded quality factor Q\ \ 



2.4.73 Transmission method 

This is a two-port method, and the quality factor 
is obtained from the scattering parameter S 2 t- 
As shown in Figure 2.138, the S 2 t value for 
determining the half-power width is 

S 2 i,a/ = V/ 0 -3 (dB), (2.471) 

where S 2 t ,/ 0 is the S21 value at the resonant 
frequency. 

The unloaded quality factor can be calculated 
from 

Q 0 = (l+Pi+P 2 )- Ql, (2.472) 



Q ° 1 — |S 21 ,/J 1 - lO^./olW (2 ' 476) 

Further discussions on the transmission method 
for quality factor measurement can be found in 
(Kajfez et al. 1999) and the references given 
therein. 

2. 4. 7. 4 Nonlinear phenomena in quality -factor 
measurement 

In the study of nonlinear materials, for example, 
high-temperature superconducting thin films, after 
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the microwave power reaches a certain level, 
the resonance curve shows nonlinear phenomena, 
changing from Lorentzian shape to non-Lorentzian 
shape. In this case, the traditional 3-dB bandwidth 
measurement may result in large errors. Rao et al. 
proposed a method to extract 0 l with improved 
accuracy for the case when nonlinear responses 
are involved (Rao et al. 2000). 

In the case involving only linear responses, 
the frequency dependence of the transmission 
loss T(f) = |S 2 i(/)| 2 f° r a transmission mode 
resonator is given by (Ginzton 1957) 



= in/ 0 )i 

1 + [20l(/-/o)//o] 2 ’ 



(2.477) 



where T(f 0 ) = \P\pi/{\ + Pi + Pi) 2 , Pi and p 2 
are the coupling coefficients. The resonance curve 
of T (/) is in Lorentzian shape and the loaded 
0-factor, 0 L , of the resonator can be obtained 
by measuring the 3-dB (half-power) bandwidth, 
A/ 3d B, of the transmission curve and the resonant 
frequency /o using Eq. (2.466). 

When the resonator undergoes a nonlinear 
response, the resonance curve becomes asymmet- 
ric. Figure 2.139 shows the resonance curves of 
a microstrip resonator made from double-sided 
superconducting YBa 2 Cu 3 07 _ d (YBCO) thin film, 
and measurements are made when the input power 




Figure 2.139 The transmission loss of a supercon- 
ducting microstrip resonator against frequency for input 
power levels ranging from — 1 8 to 1 2 dBm in 5 dB incre- 
ments. Reproduced from Rao, X. S. Ong, C. K. and 
Feng, Y. P. (2000). “Q-factor measurement of nonlin- 
ear superconducting resonators”. Electronics Letter , 36, 
pp. 271-273, by permission of IEE 



is increased in 5-dB steps from —18 to 12 dBm. 
When the input power is low, the resonance 
curves are symmetric about the resonant frequency 
and can be fitted well with the Lorentzian func- 
tions though fluctuations due to small signal-to- 
noise ratio are noticeable. As the input power 
increases, the resonance curve broadens gradually 
and becomes asymmetric and non-Lorentzian, with 
the peak resonant frequency shifting to lower fre- 
quency and the insertion loss increasing. Strictly 
speaking, when the resonance curve is clearly non- 
Lorentzian, the traditional 3-dB bandwidth mea- 
surement of 0 l is no longer applicable. 

The above non-Lorentzian resonance mainly 
originates from following two reasons. Firstly, 
due to the T(f) response of the resonator, the 
microwave power (P) coupled into the microstrip 
are different at different frequencies around the 
resonance. Secondly, when microwave power is 
high enough, the surface impedance of the super- 
conducting microstrip shows a power dependent 
behavior: Zs = Zs(P). Therefore in a nonlinear 
response, Z s is dependent on frequency. The vari- 
ations of R s and X s make the overall resistance R. 
capacitance C, and inductance L of the equivalent 
circuit of the resonator also change with frequency. 
So the different points on the resonance curve cor- 
respond to different LCR resonant circuits and thus 
have different effective values of 0 l and /o. 

By rewriting Eq. (2.477), 0 L can be generally 
calculated from (Rao et al. 2000) 

0l = (2.478) 

Jr - jl 

with the relative power transmission ratio 



T(f r) _ T (/l) 
T(fo) T(f 0 ) 



(2.479) 



In Eq. (2.478), (/ R — f L ) is the bandwidth mea- 
sured at power transmission ratio r. If we choose 
the value of r to be 0.5, /r — /l = A/ 3dB and 
Eq. (2.478) becomes Eq. (2.466). If we choose 
a larger value of r, smaller difference between 
P(Jr) and P(f\.) is expected and Eq. (2.478) 
gives a better approximation for the actual 0l(/o) 
value. 

Figure 2.140 shows a typical non-Lorentzian 
transmission curve where P indicates the resonant 
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Figure 2.140 Typical non-Lorentzian resonance curve. Reproduced from Rao, X. S. Ong, C. K. and Feng, Y. P. 
(2000). "Q-factor measurement of nonlinear superconducting resonators”, Electronics Letter , 36, pp. 271-273, by 
permission of IEE 



peak; A and A' are the 3-dB points used in 
the traditional Q L measurement; BB', CC', and 
so on, indicate other pairs of reference points 
with different r values. For each pair of points, 
an approximate <2l(/o) value can be obtained. 
The accuracy of the obtained Q l(/o) increases 
when the z value becomes larger. Theoretically, 
when r is approaching unity, Eq. (2.478) gives 
an accurate <2l(/o) value. However, following 
the error analysis similar to that in (Kajfez et al. 
1999), we can get the relative uncertainty in 
measuring Q l, given by 



Ag L 

Gl 



1 

2t (1 - T) 



At 



(2.480) 



The error in z is mainly caused by the inaccuracy 
of the amplitude reading of the instrument. As 
r approaches unity, the error in r may cause 
a very large error in Gl- This problem can 
be circumvented using an extrapolation method. 
First, we measure a set of Q l values as a 
function of r and then extrapolate the results to 
a common intercept at r = 1. The resulting value 
is a reasonable approximation for Gl(/o)- 

Figure 2.141 shows the calculated Q\, versus the 
r values of the reference points for the curve in 
Figure 2.140. When the r value becomes large, 
the resulting Q\_ value gets smaller. This is mainly 




Figure 2.141 The Q\. values measured as a function 
of r of reference points for the resonance curve shown in 
Figure 2.140. Reproduced from Rao, X. S. Ong, C. K. 
and Feng, Y. P. (2000). "Q-factor measurement of non- 
linear superconducting resonators”, Electronics Letter , 
36, pp. 271-273, by permission of IEE 



due to the fact that the YBCO thin film has a larger 
surface resistance at the frequency point with larger 
r value. The difference between the Q\. value from 
traditional 3-dB bandwidth measurement (GL, dB ) 
and that obtained from the method presented above 
(Gl*) ' s prominent. 

The value of (<2^ — Gl'VGl' f° r the reso- 
nance curves in Figure 2.139 are plotted as a func- 
tion of the input power in Figure 2.142 and the 
absolute values of Gl™ an( l Ql arc shown in 
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Figure 2.142 (Qf* 8 — versus input power obtained from the resonance curves in Figure 2.139. The 

insert shows the corresponding Q jj dB (circle) and (triangle). Reproduced from Rao, X. S. Ong, C. K. and 
Feng, Y. P. (2000). "Q-factor measurement of nonlinear superconducting resonators”. Electronics Letter, 36, 
pp. 271-273, by permission of IEE 
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the insert. When the input power is not large, the 
(?L dB is close to Q\\ and both of them give good 
approximations for Q\(fo). When the input power 
increases, the difference between Ql dB an< J Ql 
becomes large. In this case, the application of the 
3-dB method should be avoided. 
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3 



Reflection Methods 



In a reflection method, the properties of a sample 
are obtained from the reflection due to the 
impedance discontinuity caused by the presence 
of the sample in a transmission structure. We 
first discuss the reflection methods developed from 
coaxial line and free space. Subsequently, we 
discuss the measurement of both permittivity and 
permeability using modified reflection methods. 
Following that, we discuss the reflection method 
for the measurement of surface resistance. In the 
last section, we discuss a near-field scanning probe 
based on the reflection principle. 



3.1 INTRODUCTION 

As indicated in Chapter 2, reflection method is a 
type of nonresonant method. From the view of 
transmission line, in a reflection method, the sam- 
ple under test is introduced into a certain position 
of a transmission line, and so the impedance load- 
ing to the transmission line is changed. The prop- 
erties of the sample are derived from the reflec- 
tion due to the impedance discontinuity caused by 
the sample loading. The two types of reflections 
in transmission line theory, short-circuited reflec- 
tion and open-circuited reflection, can be used in 
reflection methods. As will be indicated later, dif- 
ferent ways of loading samples require different 
calculation algorithms for the derivation of mate- 
rials properties. 

In a reflection method, the measurement fixture 
made from a transmission line is usually called 
measurement probe or sensor. In order to increase 
the measurement accuracy and sensitivity, or 



to satisfy special measurement requirements, the 
measurement probes are often specially designed. 
Though they share the same principle, probes 
with different designs require different calculation 
algorithms. Many technical literatures have been 
published for different probe designs. 

In the following, we make a general discussion 
on open-circuited reflection and short-circuited 
reflection. In the discussion, we assume that the 
transmission line used is coaxial line, and the 
conclusions obtained can be extended to other 
types of transmission lines, such as waveguide and 
free space. 



3.1.1 Open-circuited reflection 

Figure 3.1 shows an open-circuited flanged coaxial 
dielectric probe, and the sample under test directly 
contacts the open end of the coaxial line. The 
impedances at the two sides of the interface are 
different, so there is a reflection when electromag- 
netic wave propagates through the interface, and 
the reflectivity is determined by the impedances 
of the media at the two sides of the interface. As 
the impedance of the side occupied by the sample 
is related to the electromagnetic properties of the 
sample, from the reflectivity at the interface, the 
properties of the sample can be obtained. 

As the impedance of the space filled with the 
sample is related to the permittivity and perme- 
ability of the sample, in principle, both the permit- 
tivity and permeability can be obtained provided 
sufficient independent reflection measurements are 
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Figure 3.1 Open-circuited reflection 

made. However, in most cases, only one indepen- 
dent measurement is made, so only one materials 
property parameter, either permittivity or perme- 
ability, can be obtained. In the following discus- 
sion, we focus on the measurement of permittivity. 
The measurement of both permittivity and perme- 
ability using reflection methods will be discussed 
in Section 3.4. 

Figure 3.2 shows the equivalent circuits for a 
general reflection method. In the general equiva- 
lent circuit shown in Figure 3.2(a), the impedance 
Z(£ r ) of the coaxial aperture is a function of the 
relative permittivity e r of the sample under test. 
The impedance Z(e r ) can be obtained from the 
reflection measurement, and the relative permit- 
tivity e r of the sample can be deduced from the 
impedance Z(e r ). As terminating the open-ended 
coaxial probe with a dielectric sample is equivalent 
to introducing the sample into an equivalent capac- 
itor, the equivalent circuit shown in Figure 3.2(a) 
can be simplified to Figure 3.2(b), by replacing the 
impedance Z(e r ) with capacitance C(e r ). From the 



z„ z o r ) 



(a) 



Z(j C (£ r ) ____ 



(b) 



Figure 3.2 Equivalent circuits for reflections methods, 
(a) General equivalent circuit and (b) simplified equiv- 
alent circuit 



change of capacitance due to the insertion of the 
sample, the relative dielectric peimittivity of the 
sample can be obtained. 

Iterative schemes are often used to find out the 
relative permittivity e r of the sample. Usually, an 
objective function is defined as 



F(e r ) — T L (e r ) — Y m (3.1) 

where Y\ (s x ) is the admittance calculated by using 
an aperture model and Y m is the admittance 
of the aperture obtained by measurement. The 
permittivity of the sample can be calculated by 
finding the zero of the function. It is clear that the 
model for the calculation of K[ (e r ) is crucial for 
a reflection method, and many models have been 
developed for various cases, some of which will 
be discussed later. As an example, here we discuss 
the simple model shown in Figure 3.2(b). In this 
model, we assume C(e r ) = G-Co, where Co is the 
capacitance of the capacitor when it is filled with 
air. So the expression for the aperture admittance 
can be represented in terms of the dielectric 
constant and loss factor of the sample (Burdette 
et al. 1980): 

F L (£ r ) = jw£o£rCo = jw£o£^ • (1 - j tan <5)C 0 

(3.2) 

where s[ and tan S are the dielectric constant 
and loss factor of the sample respectively. The 
value of Co is determined by the structure of 
the probe. For a given probe with known Co, 
the dielectric properties of the sample can be 
calculated from the measured admittance Y m , 
according to Eqs. (3.1) and (3.2). 



3.1.2 Short-circuited reflection 

Figure 3.3 shows a general case of short-circuited 
reflection. A piece of sample is inserted in a 
segment of shorted transmission line, with the 
end face of the sample located at a distance Al 
from the short. We assume that only the prime 
mode exists in the transmission line, the sample is 
homogeneous and isotropic, and there exists only 
transverse electric field in the transmission line. 
The electric fields in the three regions are 

Ei = exp (— poz) + Ci exp(poz) 



(3.3) 
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Figure 3.3 A sample is inserted in a short-circuited 
transmission line 



En = C 2 exp (-yz) + C 3 exp(yz) (3.4) 

E m = C 4 exp(— y 0 (z - /)) + C 5 exp(y 0 (z - /)) 

(3.5) 

where yo and y are the propagation constants 
in air and the sample respectively. The five 
constants (Ci to C 5 ) can be obtained from the 
boundary conditions. 

If we assume that the sample plane coincides 
with the calibration plane, the matching boundary 
conditions of the field equations at the interfaces 
yield an equation for the reflection coefficient 
(Baker-Jarvis et al. 1993) 

-2 08 + [(5 + 1 ) + (<$ - l)^ 2 ] tanh yl 

2 0 + [(5 + 1) - (5 - 1 )p 2 ] tanh yl 

(3.6) 



rod 

S — exp(— 2y 0 A/) (3.8) 



Sn = Ci = 
with 



Eq. (3.6) can be modified in terms of hyperbolic 
functions as 

tanh yl + P tanh yo A/ 

_ - P( 1 + P tanh yl tanh y 0 Al) 

11 tanh yl + p tanh y 0 A/ ' 

+ P(l + P tanh yl tanh y 0 A/) 



the distance from the calibration reference plane 
to the sample front face, and ,S’| 1 can be calculated 
from Eq. (3.6) or (3.9). 

The effect of distance l\ can be eliminated. We 
measure the reflection of the empty sample holder: 



6)l(empty) — 6 X P( 2yo(/l T" A l + /)) (3.11) 



From Eqs. (3.10) and (3.11), we can get 



S I l(trans) 
S 11 (empty) 



= - exp(2y 0 (A/ + l))Sn 



(3.12) 



So the reflection coefficient Sn at the front face of 
the sample can be measured experimentally. From 
Eq. (3.9), we can obtain the propagation constant 
in the sample, from which the electromagnetic 
properties of the sample can be deduced. Usually, 
reflection methods can only measure one complex 
parameter, either permittivity or permeability. 

For the configuration shown in Figure 3.3, 
standing waves are built in the region between the 
sample and the short circuit and between the cali- 
bration plane and the sample front face. Depending 
on the sample length and the other lengths, at 
certain frequencies permittivity can be measured 
accurately, and at other frequencies permeability 
can be measured accurately. Meanwhile, according 
to the parameters to be measured, we put the sam- 
ples at suitable positions. The position of the short 
termination is a low electric field and high mag- 
netic field region, and the position A/4 away from 
the short termination is a high electric field and 
low magnetic field region. For permittivity mea- 
surements the sample should be moved away from 
the short termination, while for permeability mea- 
surements the sample should be moved near to the 
short termination. Detailed discussion can be found 
in (Baker-Jarvis 1990; Baker-Jarvis et al. 1993). 



3.2 COAXIAF-FINE REFFECTION METHOD 



We can get the general expressions for the 
reflection coefficient if the calibration plane is not 
at the sample plane: 

Sit(trans) = exp(-2y 0 /, ).S’, , (3.10) 

where Susans) is the reflection coefficient trans- 
formed at the reference plane of calibration, l\ is 



Among various types of transmission lines, coax- 
ial line is most widely used in the reflection 
method for materials property characterization. A 
coaxial probe made from a coaxial line has sev- 
eral advantages over the ones made from other 
types of transmission lines, and the most obvi- 
ous one is its wide working frequency range. 
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There are many excellent papers on this method 
published by several groups of researchers, and 
there are several in-depth review papers on this 
topic (Stuchly and Stuchly 1980; Pournaropoulos 
and Misra 1997). 

In the past decades, several models for determin- 
ing the aperture admittance of open-ended coax- 
ial probe have been developed by assuming that 
the radial electric field distribution at the aper- 
ture region is inversely proportional to the radius. 
These formulae have been further improved by 
considering the effects of the higher-order modes 
excited at the aperture when the electrical dimen- 
sions of the probe are large, so that these formu- 
lae can be extended to higher frequencies. Along 
with the improvements in computational meth- 
ods and speed, numerical methods have also been 
used to rigorously analyze the held distributions 
at the aperture, so more exact solutions to the 
aperture admittance become possible. Furthermore, 
in recent years, many efforts have been made in 
investigating the radiation of open-ended probe 
into layered media, and based on the results in this 
topic, many variations in the conventional open- 
end reflection method have been made for vari- 
ous purposes. 

In this section, we discuss the coaxial probes 
mainly with respect to six aspects. Firstly, we dis- 
cuss different admittance/capacitance models used 
in analyzing open-ended coaxial probe terminated 
by a semi-infinite material. Secondly, we discuss 
the radiations of end-ended apertures into mul- 
tilayer medium. Thirdly, we take the aperture 
as a short monopole antenna, and analyze sev- 
eral typical monopole antennas used in materi- 
als property characterization. Fourthly, we discuss 
the case when a truncated coaxial line is con- 
nected to a circular waveguide, which may be 
in a propagating or cutoff state. Fifthly, we dis- 
cuss the shielded coaxial lines. Finally, we discuss 
dielectric-filled cavities adapted at the end of a 
coaxial line. 

It should be noted that the working principles of 
coaxial reflection methods are applicable for other 
types of transmission lines. Most of the coaxial 
reflection methods discussed in the following text 
have their waveguide counterparts. 



3.2.1 Open-ended apertures 

In this part, we discuss the radiation of a coaxial 
open-ended aperture into a homogeneous medium. 
The theoretical background of this topic can 
be traced to the work of Levine and Papas, 
who analyzed an air-filled coaxial line with an 
infinite conducting flange, radiating into free 
space (Levine and Papas 1951). 

In practical applications, coaxial dielectric pro- 
bes sometimes are connected to grounding flanges. 
In theoretical analysis, some models are developed 
for open-ended probe with infinitely large ground- 
ing flange, while some models are developed for 
open-ended probe without grounding flange. In the 
discussion of various models, we do not distin- 
guish whether the probe is connected to a ground- 
ing flange. After discussing the frequently used 
models, we analyze the effects of the ground- 
ing flange. Finally, we discuss some variations 
in the structure of the conventional coaxial open- 
ended apertures. 

3.2. 1. 1 Modeling of the open-ended coaxial probe 

Many models have been built to analyze open- 
ended coaxial probes terminated by semi-infinite 
homogeneous materials. There are four typical 
models (Pournaropoulos and Misra 1997; Berube 
et al. 1996): capacitive model (Stuchly et al. 1982; 
Athey et al. 1982), antenna model (Brady et al. 
1981), virtual line model (Ghannouchi and Bosisio 
1989), and rational function model (Stuchly et al. 
1994; Anderson et al. 1994). In recent years, full- 
wave simulation method has also been used in 
analyzing open-ended coaxial lines. 

Capacitance model 

A typical measurement configuration of coaxial 
open-ended reflection is shown in Figure 3.4(a), 
and the equivalent circuit for the capacitive model 
is shown in shown in Figure 3.4(b). The difference 
between Figure 3.2(b) and Figure 3.4(b) is that, 
in the present model, the capacitance consists 
of two parts: C(e r ) which is related to the 
dielectric properties of the sample, and Cf which 
is independent of the dielectric properties of the 
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Figure 3.4 Open-ended reflection method, (a) Coaxial 
probe terminated by a semi-infinite sample and (b) 
capacitive equivalent circuit at plane A — A' 



sample. When the coaxial probe is connected 
to a dielectric sample with complex relative 
permittivity e r , the equivalent capacitor will be 
changed, and the reflection coefficient at the tip 
of the open-ended probe can be obtained from the 
capacitances: 

r * rc \t> 1 -jmZ 0 -[C(£ r ) + Cf] 
l+jmZ 0 -[C(e r ) + C f ] 

where C(e r ) = e r Co, and Co is the capacitance of 
the capacitor filled with air, Cf is the capacitance 
independent of the material, to is the measurement 
angular frequency, and Zo is the characteristic 
impedance of the coaxial line connected to the 
open-ended probe. 

From Eq. (3.13), we get 



1 - r* C f 
jcuZoCo(l + r*) Co 



(3.14) 



In order to calculate the complex relative permit- 
tivity e r from the complex reflection coefficient r*, 
we should know the values of Cf and Co- These 
two parameters are usually obtained by calibrat- 
ing the open-ended probe with a standard sample 
with known dielectric permittivity, for example, 
deionized water (Berube et al. 1996): 




where fi' liol and £^ iel are the real and imaginary parts 
of the complex permittivity of the standard sample 



respectively, and | T^ iel | and Odiei are the magnitude 
and phase of the complex reflection coefficient 
r*ei respectively. After obtaining Co and Cf from 
Eqs. (3.15) and (3.16), the dielectric properties of 
the sample under test can be calculated from 
the complex reflection coefficient according to 
Eq. (3.14). 

However, it should be noted that the reflection 
coefficient should be measured at the plane A — A'. 
If the reference plane has previously been defined 
at the entrance of the probe (B — B' plane), then 
we should find the phase difference between the 
B — B' and A — A' planes: 

^1-A' = ( 3 - 17 ) 

with 

26 = ® A -a> - (3.18) 

where <&a-a' and T> /; B , are the reflection phase 
angles of planes A — A' and B — B' respectively. 
The value of /;■ can be measured using vector 
network analyzer directly. The determination of 
the round-trip phase factor 26 can be made by 
measuring the complex reflection coefficient in air, 
< t ) B-£'(air) (Berube et al. 1996). 

Radiation model 

The coaxial probe can be considered as a radia- 
tion source, and the equivalent circuit of radiation 
model is shown in Figure 3.5. The capacitance C i 
is mainly determined by the structure of the coax- 
ial probe, and is independent of the material under 
test. The sample under study can be modeled as 
a capacitance £ r C 2 and a resistance R ( R = 1 / G) 
connected in parallel to the capacitances (Brady 




Figure 3.5 Equivalent circuit for antenna model 
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et al. 1981), which is mainly related to the radia- 
tion from the coaxial aperture. So, the normalized 
admittance is given by 

— — jcoCiZo +j(W£ r C2 + ZqG(m , £ r ) (3.19) 

Fo 

where Zq is the characteristic impedance of the 
coaxial line, Yq is the characteristic admittance 
of the coaxial line ( Y t] = I /Z 0 ), co is the angular 
frequency, and £ r is the complex permittivity of 
the material under test. 

It has been shown that for an infinitesi- 
mal antenna, the radiation conductance can be 
expressed as (Burdette et al. 1980; Deschamps 
1972) 

5 

G(«,£ r ) =£ r 2 G(ft>,£ 0 ) (3.20) 



From Eqs. (3.19) and (3.20), we can get 

Y - 

— — jft)CiZo + jftJ£ r C2Zo + £ r G(CO, So)Zq 

Y o 

(3.21) 

Eq. (3.21) can be further modified into 

Y 5 

— = ^t + K 2 e r + K 3 e? (3.22) 

Fo 

The factors K u K 2 , and K 3 are generally complex. 
To determine these three factors, one must use 
three media with known permittivity values to do 
calibration. Similar to the capacitive mode, if the 
measurement is made at B — B' plane, the complex 
admittance should be transferred to A — A' plane. 

It should be noted that there are several admit- 
tance expressions similar to Eq. (3.22), obtained 
through different approaches and with different 
approximations. If we consider the frequency 
dependence of C\, we can get a more accurate 
model (Gajda 1983): 

Y - 

— — K[ + K 2 e r + K 3 s; + (3.23) 

To 

From quasi-static analysis, we can get (Staebell 
and Misra 1990) 



Y 

Y~o 




At a very low frequency, Eq. (3.24) can be further 
approximated (Staebell and Misra 1990): 

L = K t £ r +K 2 £ 2 (3.25) 

Fo 

The applications of Eqs. (3.22)-(3.25) could be 
found in their corresponding references. In actual 
measurements, for each model, calibrations are 
needed to determine their corresponding configu- 
ration parameters K\. 



Virtual line model 



When an open-ended coaxial probe is terminated 
by a dielectric sample, the fringing field at the 
extremity of the probe can be modeled as a seg- 
ment of equivalent transmission line (Ghannouchi 
and Bosisio 1989). As shown in Figure 3.6, in this 
model, the transmission line consists of a segment 
of physical line with length D and a segment of 
virtual line with length L modeling the dielec- 
tric medium. 

The complex admittance at A — A' plane is 
given by 



Y e + jFd tan(/l d T) 

L ~ d y d +jy E tan(/i d L) 



(3.26) 



where Y\ is the admittance of the virtual trans- 
mission line, y d is the characteristic admittance of 
the virtual transmission line. Ye is the terminating 
admittance of the virtual transmission line; is 
the propagation constant in the test medium. As 
in this model, the virtual line is terminated by an 
open circuit (Ye — 0), and Eq. (3.26) becomes 



y L =jy d tan(/i d L) (3-27) 




(3.24) 



Figure 3.6 Virtual line model 
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The characteristic admittance T d of the virtual line 
can be expressed as a function of the physical 
parameters of the effective transmission line as 



yea 

60 In (b/a) 



(3.28) 



where a and b are the inner and outer diameters 
of the coaxial probe respectively. 

The admittance Y L can be related to the char- 
acteristic admittance of the probe Y t and the mea- 
sured reflection coefficient T m at plane B — B'\ 



*L = 



/ i _ r m e 2 ^ D \ 

\1 + T m eW>) ' 



(3.29) 



with 

Y = ^ 

' 60 In (b/a) 



(3.30) 



where pi is the propagation constant in coaxial 
probe, T m is the complex reflection coefficient 
measured at plane B — B ' , and s t is the permittivity 
of the dielectric material inside the coaxial line. 
Usually the dielectric materials inside coaxial lines 
are Teflon. 

From Eqs. (3.27), (3.28), and (3.29), we can get 
the complex permittivity of the material under test: 



_ -JCs/el 1 - T m e 2j/itD (2n fL^\ 

£d ~ IttfL ' 1 + r m e 2 iA D ' V c ) 

(3.31) 

where c is speed of light and / is the measurement 
frequency. According to Eq. (3.31), the complex 
permittivity of the sample can be calculated from 
the measured reflection coefficient. 

The calculation of complex permittivity requires 
the values of D and L. The values of D and L can 
be determined by calibration using two dielectric 
media with known dielectric permittivity. From 
Eqs. (3.27) and (3.29), we can get 



p p 2j PtD _ 
1 m c — 



p + e 
1 + pe~ 2 



(3.32) 



with 



\/®t — \fs d 

+ s/^d 



(3.33) 



The two parameters D and L can be obtained from 
Eqs. (3.29) and (3.32) with an iterative computa- 
tion procedure. The two standard media often used 
are air and deionized water. 



Rational function model 

In the geometry shown in Figure 3.7, the coaxial 
probe is immersed in the dielectric medium under 
test. In this model, the complex admittance of 
the coaxial probe is computed with the moment 
method. The radiation effects, the energy storage 
in the near-field region, and the evanescent mode 
of the guide are taken into consideration (Stuchly 
et al. 1994; Anderson et al. 1994). This model 
is usually applied for samples whose relative 
complex permittivity is in the range of (1 < 
s' < 80) and (1 < e" < 80), and the measurement 
frequency is in the range of (1 < / < 20 GHz). 

The admittance of the probe can be expressed as 

Y_ = gL i Ep= i (MVGFOfl)" 

1 + Em=l E 9 =0 An? (•\/®r) 9 (j a,a ) m 

where Y is the admittance at the end of the coaxial 
probe, To is the characteristic admittance of the 
coaxial probe, a np and P„, q are the coefficients of 
the model, e r is the complex relative permittivity of 
the material under test, and a is the inner diameter 
of the coaxial line. 

Equation (3.34) gives the value of the complex 
admittance at the end of the probe as a function 
of the complex permittivity of the material under 
test and the dimensions of the probe. The inverse 
problem for calculating the complex permittivity 
of the material under test from the measured 
complex admittance can be solved in the following 
way (Anderson et al. 1994): 

8 

(bi ~ Ya )V? = 0 (3.35) 

/= 0 



Dielectric 
sample 
under test 







Figure 3.7 Rational functional model 
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with 

4 

b p = ^ °V Oa) m (P = 1, 2, .... 8) (3.36) 

m=l 

6 0 = 0 (3.37) 

8 

= (9 = 1,2,..., 8) (3.38) 

m = 1 

8 

Co- 1 + ^^oG^)"' (3.39) 

m=l 

It should be noted that it is necessary to use the 
complex admittance values referred at the end of 
the probe. 

In this model, it is not necessary to determine 
any calibration parameters, and so we do not need 
to use any standard dielectric samples. Actually, 
the parameters a np and f J > mq have been established 
and optimized by using 56 dielectric media in the 
range (1 < e' T < 80) (Berube et al. 1996). 

Full-wave simulation method 

Recently, with easy access to fast computers, full- 
wave simulation method has been used in ana- 
lyzing aperture admittance (Pournaropoulos and 
Misra 1994; Stuchly et al. 1994; Panariello et al. 
2001). With this method, more accurate value of 
admittance can be obtained, and rigorous analysis 
on the sensitivity and uncertainty of the probe can 
be made. However, this method usually requires 
much calculation time, and many efforts are being 
made in improving this method. 

3. 2. 1.2 Effect of flange 

Among the various models discussed above, some 
are developed for a probe with an infinite ground- 
ing flange, and some are developed for a probe 
without a grounding flange. Though, with certain 
approximations, all these models could be applied 
to coaxial probes with and without grounding 
flanges, it is still necessary to discuss the effects 
of flanges to the accuracies of models. 

Figure 3.8 shows open-ended coaxial probes 
with and without grounding flange. Zheng and 





Figure 3.8 Two types of open-ended coaxial probes, 
(a) Probe without flange and (b) probe with flange. 
Modified from Zheng, H. M. and Smith. C. E. (1991). 
“Permittivity measurements using a short open-ended 
coaxial line probe”, IEEE Microwave and Guided Wave 
Letters, 1(11), 337-339. © 2003 IEEE 

Smith compared the two models described by Eqs. 
(3.24) and (3.25) (Zheng and Smith 1991). 
Equation (3.24) is a three-term admittance for- 
mula, while Eq. (3.25) is a two-term admittance 
formula. It is found that, for a coaxial probe with- 
out grounding flange, the three-term formula does 
indeed give more accurate results than the two- 
term formula. For a flanged probe, the results from 
the two-term formula and the three-ternr formula 
have quite close accuracy. It can be further con- 
cluded that the use of flanged probes results in 
more accurate measurements than the use of probes 
without flange. Other researchers also recommend 
that in the design of coaxial probes, it is better to 
use grounding flange (Langhe et al. 1994). 

3. 2. 1.3 Modifications of open-ended probe 

The conventional coaxial dielectric probes have 
been widely used in the study of the dielectric 
properties of composite materials and biological 
tissues. Meanwhile, open-ended probes have also 
been modified to satisfy special measurement 
requirements or to improve the measurement 
accuracy and sensitivity. 

Large open-ended coaxial probe 

In the measurement of the effective complex 
permittivity of composite materials with large- 
grain heterogeneities, such as rocks and concretes, 
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Figure 3.9 Large open-ended probe. Modified from 
Otto, G. P. and Chew, W. C. (1991). “Improved calibra- 
tion of a large open-ended coaxial probe for dielectric 
measurement”, IEEE Transactions on Instrumentation 
and Measurement , 40 (4), 742-746. © 2003 IEEE 



large sample sizes are needed. As the diameter 
of commercially available dielectric probe is quite 
small, for example 3.5 mm, large coaxial probes 
should be specially designed. Figure 3.9 shows a 
large open-ended coaxial probe. A transition is 
needed between the enlarged coaxial line and the 
normal coaxial line. As it is difficult to ensure 
that the impedance at the transition region is 50 £2, 



a calibration procedure is often required for a 
large probe. 

Otto et al. developed a large probe with outer 
diameter 32.5 mm, inner diameter 10.0 mm, and 
flange diameter 100 mm, and the probe they devel- 
oped can work up to about 2 GHz (Otto and Chew 
1991). They also proposed a calibration method 
utilizing a short, an open into air, and a short-cavity 
termination. With the calibration method they pro- 
posed, reliable and accurate measurement results 
can be obtained. 

Coaxial probe with an elliptic aperture 

Theoretical analysis indicates that an open-ended 
elliptic coaxial probe has higher sensitivity than 
a conventional coaxial probe (Xu et al. 1992). 
However, the fabrication of an elliptic line is 
quite complicated. As shown in Figure 3.10, a 
simple method to obtain an elliptic configura- 
tion is to bevel a circular coaxial line. The 
resulted aperture may be considered as a transi- 
tion from circular coaxial line to elliptic coaxial 
line, and subsequently the radiation aperture also 
becomes elliptic. 

Theoretical and experimental studies indicate 
that the measurement sensitivity increases with 
respect to the bevel angle <p for a circular coaxial 
line with given dimension. A slant-cut aperture 




Figure 3.10 Fabrication of coaxial probe with elliptic aperture, (a) Coaxial open end with a bevel angle and 
(b) bevel section view of a coaxial line. Modified from Xu, Y. S. Ghannouchi, F. M. and Bosisio, R. G. (1992). 
"Theoretical and experimental study of measurement of microwave permittivity using open-ended elliptical coaxial 
probes”, IEEE Transactions on Microwave Theory and Techniques , 40 (1), 143-150. © 2003 IEEE 
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from a circular coaxial line (the beveled probe) 
is a practical approach for the realization of probe 
tips with elliptical aperture. Actually, a beveled 
probe is more valuable than a right angle -cut 
aperture made from an elliptical coaxial line. The 
fabrication of the beveled probe is much simpler 
than that of the elliptical probe. Furthermore, a 
beveled probe is very useful in biological as well as 
biochemical applications, as in vivo measurements 
of biological tissues on a living body are often 
essential in these fields. 



Here, we introduce a general formulation for an 
open-ended coaxial transmission line terminated 
by a multilayered dielectric (Bakhtiari et al. 1994). 

As shown in Figure 3.11, we assume that 
the open end of a coaxial transmission line is 
connected to a perfectly conducting infinite flange, 
and the inner and outer diameters of the coaxial 
line are 2 a and 2b respectively. As shown in 
Figure 3.12, the multilayer composite may be 
terminated into an infinite half-space or backed by 
a conductor. 



3.2.2 Coaxial probes terminated into layered 
materials 

In the above discussion, the coaxial probe is termi- 
nated by a homogeneous semi-infinite medium. In 
some situations, the semi-infinite requirement can- 
not be satisfied, and sometimes the samples under 
study may be of multilayer structure. So the knowl- 
edge about the admittance of coaxial probe termi- 
nated into layered dielectric materials is important 
for materials property characterization. 




3.2.2. 1 Admittance of coaxial probe terminated 
into layered materials 

The admittance of a coaxial probe terminated into 
layered materials has been studied by lumped 
parameter approach and quasi-static approximation 
approach (Fan et al. 1990; Anderson et al. 1986). 



Figure 3.11 Coaxial line with inner diameter 2 a and 
outer diameter 2b opening onto a perfectly conducting 
infinite flange. Source: Bakhtiari, S. Ganchev, S. I. and 
Zoughi, R. (1994). “Analysis of radiation from an 
open-ended coaxial line into stratified dielectrics’', IEEE 
Transactions on Microwave Theory and Techniques, 42 
(7), 1261-1267. © 2003 IEEE 
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Figure 3.12 Cross sections of coaxial line radiating into layered media, (a) The multilayer material is terminated 
into an infinite half-space and (b) cross section of a coaxial line radiating into a layered media terminated into 
a perfectly conducting sheet. (Bakhtiari et al. 1994). Modified from Bakhtiari, S. Ganchev, S. I. and Zoughi, R. 
(1994). “Analysis of radiation from an open-ended coaxial line into stratified dielectrics”, IEEE Transactions on 
Microwave Theory and Techniques, 42 (7), 1261-1267. © 2003 IEEE 
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If only the fundamental transverse electromag- 
netic (TEM) mode propagates inside the coaxial 
line, the terminating admittance of the line can be 
obtained using the continuity of the power flow 
across the aperture (Bakhtiari el al. 1994): 



js = gs +)b s = 



Sri 

y/e^\n(b/a) 




[MJc o|ft) - Jojko^a )] 2 

$ 



F('C)^ 



(3.40) 



where g s and h s are the normalized aperture 
conductance and susceptance, e rc is the relative 
permittivity of the dielectric filling inside the 
coaxial line, Jq is the zero-order first kind of Bessel 
function, and the function F(^) is given by 



F(M) = 



\J £rl 



1 + Pi 

1 - Pi 



(3.41) 



For an A' -layer medium, the value of p\ may be 
calculated from the following recurrence relations: 



_ 1 K iPi+l e -\2koziJe ti -C 

1 + Kifii+i 
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(3-42) 



(3.43) 

(3.44) 

(3.45) 



In Eq. (3.45), if the Nth layer is infinite in +z- 
direction, 1 < n < (N- 1); if the l\ r th layer is 
backed by conducting sheet, 1 < n < N. 

If the /Vth layer is infinite in +j-dircction, 



Pn — 0 (3.46) 



If the N th layer is terminated into a conduct- 
ing sheet, 

PN = Q-flkoZN^/s.N-H 1 (3.47) 



Pn is chosen from Eq. (3.46) or (3.47) depending 
on whether the A'th medium is an infinite half- 
space or is of finite thickness backed by a 
conducting sheet. 



32.2.2 Applications in materials property 
characterization 

The conclusions for the aperture admittance of 
coaxial probe terminated into stratified dielectrics 
can be used to modify the conventional reflec- 
tion method using coaxial dielectric probe. In the 
following, we discuss several examples of modifi- 
cations often used in materials property character- 
ization. 

Dielectric samples with finite thickness backed by 
metal plate 

For a laminar sample, its thickness is usually 
not thick enough for semi-infinite requirement. 
As shown in Figure 3.13, the dielectric proper- 
ties of a laminar sample backed by a conducting 
plane can be measured by using an open-ended 
coaxial probe. Actually, it is a special case of 
Figure 3.12(b) with N — 1 . The terminating admit- 
tance of the probe can be calculated according to 
Eq. (3.40), and the function F(^) can be calculated 
according to Eq. (3.41) with p\ given by 

p x = (3.48) 




The above calculation must start from i = N — 1 Figure 3.13 Geometry for the measurement of a 
and carried out backward to i = 1 . The value of laminar dielectric sample backed by a conducting plane 
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Free space 



e r2 



Figure 3.14 Geometry for the measurement of a 
laminar dielectric sample backed by free space 



Dielectric samples with finite thickness backed by 
free space 



As shown in Figure 3.14, in the measurement of a 
laminar sample, the sample can also be backed by 
free space. This is a special case of Figure 3.12(a) 
when N — 2. The second layer is infinite in +z- 
direction. The explicit form of F(fl) is given by 



F(£) = 



1 

V Sri - ? 2 



k l +jtan(fc 0 div / £ rl - f 2 ) 

1 + )K\ tan (/c 0 divert - § 2 ) 
(3.49) 



with 



£r2 y/frl ~ £ 2 

£rl V £ r2 — £ 2 



(3.50) 



where d i is the thickness of the laminar sample 
under test, e t \ is the relative permittivity of the 
sample, and e r2 is the relative permittivity of the 
half-infinite sample backing the sample. For a 
sample backed by free space, e r2 = 1. 



Two-layered media terminated by metal plate 

In the measurement of dielectric properties using 
coaxial probes, good contact between the coaxial 
aperture and the sample surface is required. If there 
is an air gap between the sample and the probe, 
the discontinuity of the electric field causes a large 
error in the calculation of permittivity. In actual 
measurements, the air gap between the coaxial 



aperture and the sample surface is inevitable. To 
minimize the effect of the air gap, Baker-Jarvis 
et al. developed a model for the electromagnetic 
response of a coaxial probe with liftoff (Baker- 
Jarvis et al. 1994). 

Figure 3.15 shows a coaxial probe terminated 
by a two-layer dielectric sample backed by a 
conducting plane, and the dielectric permittivity 
values of the two layers are e r i and s r2 respectively. 
It is a special case of Figure 3.12(b) when N — 2. 
The explicit form of F(fl ) is given by 



tan(k 0 d i^/e r i - $ 2 ) 

F( ^ _ j tan(kod 2 Ve r2 - £ 2 ) - k { 

V £ rl - k 1 K\ tan(£ 0 diV ^ri - $ 2 ) 
+ tan(& 0 d 2 /e r2 - $ 2 ) 



(3.51) 

For the case of coaxial probe with liftoff, 
the first layer with thickness d\ is air (e r i = 1), 
and the second layer with thickness d 2 is the 
sample under test. Probes with liftoff are quite 
useful for nondestructive material property testing 
and material thickness testing. However, in order 
to increase the interaction of the field with the 
material under test, either larger diameter probes 
or higher frequencies need to be used. 

The configuration shown in Figure 3.15 can also 
be used in the measurement of high-dielectric- 
constant materials. When a dielectric probe is used 
to measure materials with high dielectric constant, 
for example, higher than 50, because of the serious 




Figure 3.15 Geometry for the measurement of two- 
layer dielectric sample backed by a conducting plate 






